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LLC Resonant Converters: An
Overview of Modeling, Control and
Design Methods and Challenges
Claudio Adragna

STMicroelectronics, Italy; claudio.adragna@st.com

ABSTRACT

The LLC resonant converter is perhaps today’s most popu-
lar resonant conversion topology. Yet, though in existence
for many years, only relatively recently has it gained the
popularity it certainly deserves. Since its first appearance in
the literature in 1988, it has been confined for a long time to
niche applications: high-voltage power supplies or high-end
audio systems, to name a few.

Its significant industrial usage started in the mid-2000s with
the boom of flat screen TVs, whose power supply require-
ments found in the LLC resonant converter their best answer,
and was fueled by the introduction of new regulations, both
voluntary and mandatory, concerning an efficient use of en-
ergy. This combination of events pushed power designers to
find more and more efficient ac-dc conversion systems.

Since then, several other mass-produced electronic devices,
such as All-In-One and small form factor PCs, high-power
ac-dc adapters and LED drivers, have made a massive usage
of this topology, especially in its half-bridge version. Higher
power systems, such as server and telecom power supplies

Claudio Adragna (2022), “LLC Resonant Converters: An Overview of Modeling,
Control and Design Methods and Challenges”, Foundations and Trends® in Electric
Energy Systems: Vol. 5, No. 2–4, pp 75–491. DOI: 10.1561/3100000029.
©2022 C. Adragna
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and, more recently, charging stations for electric vehicles,
have mainly adopted the full-bridge version.

Over these last three decades, there has been a lot of progress
on both theoretical and practical aspects related to the LLC
resonant converter. Lots of papers and application notes
deal with it, and many IC manufacturers have dedicated
driver ICs in their portfolio. Despite that, its design is still
considered a challenging task in Power Conversion. Thus,
a guided tour through its intricacies may be beneficial to
both the neophyte and the experienced engineer.

The monograph will cover the basics (operating modes, soft
switching mechanism, first-harmonic approximation, etc.),
as well as some advanced topics (design optimization, control
methods, synchronous rectification, interleaving, etc.) using
a hands-on, design-oriented approach.

Full text available at: http://dx.doi.org/10.1561/3100000029



Part I

Introduction to Resonant
Conversion
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1
Background

Since the beginning of the electronics era, user needs have dictated a
clear trend towards size and weight reduction of electronic equipment.
Of course this trend has affected power supply systems as well, as
essential sub-systems for the proper operation of the equipment.

Essentially all electric equipment may benefit from size and weight
reduction of their power supply. In mobile applications such as trans-
portation, this directly translates into fuel saving or increased operating
range. For portable equipment, being smaller, lighter, yet more powerful,
is perceived by users as an added value. Also, stationary applications
take advantage of a lower size and weight of power supplies. This makes
more space available for the primary function of the installation and
cuts the total cost of ownership by making installation and maintenance
easier and quicker.

In power supplies, this trend is expressed by a constant demand of
higher efficiency and power density, two quantities that always go hand
in hand.

Efficiency is the ratio of the power output by a power supply unit
(PSU) to the power that the PSU draws from the input source, being
their difference (power loss) converted into heat.

4
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5

Power density is a Figure of Merit (FOM) that measures the degree
of compactness of a PSU. Depending on the key design goal, it can be
defined in different ways, typically as the ratio of its rated power to
its volume (W/cm3) or its weight (W/kg), or scaled equivalent units.
Whichever definition we consider, either volumetric or gravimetric, the
power density trend can be synthesized in “packing more power in less
space”.

While the progress in circuit integration technology has substantially
reduced the size and weight of all electronic devices, in general the
miniaturization rate of power supplies has not been keeping the same
pace.

Different types of power converters (ac-dc, dc-dc, point-of-load,
voltage regulator modules, etc.) show different miniaturization rates. In
this context we will focus on ac-dc converters, i.e., those used in power
supplies operated off the ac power distribution line, the so-called offline
power supplies.

As shown in Figure 1.1, while integrated circuit technology evolves
following Moore’s Law, doubling the density of transistors every approx-
imately two years, in the last fifty years on average it takes about one
decade for offline power supplies to double their power density [53]. The
reasons for this slower speed will be briefly reviewed in the continuation
of this discussion.
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Figure 1.1: Power density trajectory in typical commercial offline power supplies.
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6 Background

Figure 1.2: Transition from linear to switch-mode technology marked a quantum
leap in size and weight reduction of offline power supplies.

This race for higher power density started with the epochal transition
from linear to switch-mode power supplies, which took place at the end
of the 1960s, enabled by the advent of high-voltage bipolar junction
power transistors (BJT) and the development of low-loss ferrites.

Linear power supplies (see Figure 1.2) do not offer much opportu-
nity for power density increase because size and weight are essentially
dictated by the bulky line-frequency insulation transformer based on
silicon iron laminations, and the heatsink. As to the heatsink, there are
limited chances to reduce its size because the efficiency of linear power
supplies is low and related to the input and output voltages only.

On the contrary, switch-mode technology does not need a line-
frequency transformer (see Figure 1.2) and requires smaller heatsinks
(or no heatsink at all in some cases) due to their higher efficiency and
consequent lower amount of heat generated.

Full text available at: http://dx.doi.org/10.1561/3100000029
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After the initial fast increase due to the linear to switch-mode tran-
sition, which represented a groundbreaking moment, in the last thirty
years power density in offline power supplies has slowly increased at a
rate lower than 10%/yr, despite important technology milestones such
as the introduction of high-voltage power MOSFETs, which replaced
BJTs, and the advancements in power magnetics.

This slower progress in power density can also be explained with a
change of focus. In the early 1990s, the rapid diffusion of consumer elec-
tronics and an increased attention to environmental concerns prompted
the introduction of requirements and regulations concerning light-load
efficiency and standby consumption. This oriented R&D efforts towards
complying with these new specifications that demanded an efficiency
improvement over the entire load range and not just at full load as
required by the power density targets.

Today, the tremendous growth of portable equipment has put power
density again under the spotlight. With the advent of wide-bandgap
materials, namely SiC and GaN, power supply industry seems to be
on the verge of another fast growth period for power density, even for
offline power supplies.

Why are offline power supplies (an example is shown in Figure 1.3)
so difficult to miniaturize? Safety isolation (to prevent electric shock
hazard), the holdup time (we need energy reservoir to keep the supplied
equipment operating even during short interruptions of the ac line
voltage), and the electromagnetic compatibility (EMC) requirements
(not to adversely affect the operation of other electronic equipment, nor
to be adversely affected by other equipment or other electric phenomena)
as well as the high voltages that they are required to switch, pose quite
severe obstacles in their path to miniaturization.

Though the objective is to make PSUs smaller and lighter, the
ultimate technical requirement is to make them more efficient. The
reason is straightforward: if we handle a given power in a smaller
volume, there will be less surface area for cooling and less room for
heatsinks.

It is true that this issue can also be tackled from a different angle:
improving the thermal design to facilitate heat removal. However, this
strategy can be pursued just to some extent. Fans can be used in some

Full text available at: http://dx.doi.org/10.1561/3100000029



8 Background

Bridge rectifier

Input bulk capactior

PFC inductor

Resonant transformer

Chassis/heatsink

Output capacitors

MOSFETs

EMI filter

Figure 1.3: An offline power supply with its bulky parts.

applications only (e.g., telecom or server power, ATX/PS2 PC) and
are out of consideration in others (e.g., ac-dc adapters and chargers for
mobile equipment) for obvious reasons of user experience. Encapsulated
power supplies can benefit from filler materials and other mechanical
provisions that facilitate heat exchange but there are regulatory limits
on the touch temperature, i.e., on the maximum surface temperature of
the enclosure. In the end, if we want to increase power density we must
generate as little heat as possible, which is another way to say that we
need to aim at high efficiency.

Switch-mode technology is based on storing and/or transferring
energy through magnetic (inductive) components, so that increasing
the switching frequency brings lower inductance values and, as a gen-
eral consequence, a size reduction of these devices and in some cases
also of the capacitive energy reservoirs. Increasing switching frequency,
therefore, is a mainstream towards smaller size PSUs. Unfortunately,
this is also true only to some extent and conflicts with the requirement
of high efficiency.

Full text available at: http://dx.doi.org/10.1561/3100000029



9

Switching losses and electromagnetic interference (EMI) both in-
crease with switching frequency and any attempt to reduce switching
losses by switching faster will cause more EMI that will need a bulkier
filter or other provisions to be kept within the limits. Of course, slowing
down switching to reduce EMI causes higher losses and impairs effi-
ciency. This points out the need for conversion systems characterized by
a low rate of rise of switching losses with frequency and, on the other
hand, by a low level of EMI emissions, so that these can be kept below
the regulatory limits without bulky filters (which is essential to increase
power density).

Hard-switched PWM converters (intended as the classical switch-
mode power processors such as buck, boost, etc. and their isolated
versions flyback, forward, etc., converters that are typically controlled
with a form of pulse-width modulation), can run very efficiently but
not at a high switching frequency. The term “hard-switched” stems
from the way switching occurs in the power devices (power switches
and rectifiers) of these converters. This is commonly referred to as hard
switching because it involves significant peaks of power dissipation due
to voltage and current being simultaneously high during the transition
from one state to the other. These peaks are repeated at the switching
frequency, so the higher the frequency is, the larger the average power
dissipation will be. These concepts will be expanded in Part II, Section 5.

A careful design and component selection may resolve part of the
efficiency-EMI compromise, but simply raising the switching frequency
and carefully designing the converter is not sufficient. The entire process
of power conversion needs to be reconsidered for high efficiency and low
EMI to increase power density via higher switching frequencies.

The reason for the keen interest that resonant converters have
always attracted is that they apparently solve all the issues related
to conventional hard-switched PWM converters, offering significant
advantages as summarized in the following list:

• Soft switching (zero-voltage switching, ZVS, and/or zero-current
switching, ZCS) significantly reduces switching losses and the
energy needed to drive power switches.

Full text available at: http://dx.doi.org/10.1561/3100000029
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• Smooth waveforms, with relatively low dv/dt or di/dt stress, which
relieves the strain on power components.

• Parasitic elements are part of the power processing circuit: they
work for, not against the just cause of an efficient power conversion;
therefore, there is no need for snubber and clamp circuits to limit
unwanted and dangerous voltage and current spikes that inevitably
bring additional power losses.

• Low EMI, because of both the smooth waveforms and the less
noise produced by the parasitic elements; filtering requirements
are less demanding.

• As a result of all the above merits, high-efficiency, high switching
frequency and high power density are more easily attainable.

However, dealing with resonant converters is not exactly a bed of roses:

• Resonant converters work in a completely different manner as
compared to PWM converters. They may present multiple operat-
ing modes, so they are more complicated and difficult to analyze.
Both the static and the dynamic transfer functions are usually
strongly nonlinear, often beyond the area of simple mathematical
descriptions. This, along with the enormous diversity in the reso-
nant converter world, may force power designers to carry out a
detailed design study before selecting a topology and its modes of
operation to meet a particular set of requirements.

• In most cases their nice properties are obscured by significant
drawbacks (e.g., large peak voltages or rms currents, or too wide
range of operating frequency).

• Resonant converters can be designed to be highly efficient in a
narrow range of operating conditions. Obtaining good performance
over a wide range of load currents and input voltages is difficult,
in some cases practically impossible.

• Significant reactive currents may circulate in the tank circuit even
when the load is removed, leading to poor part-load efficiency.

Full text available at: http://dx.doi.org/10.1561/3100000029
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• Simulations tools (e.g., Spice, PSIM, Simetrix, . . .) are helpful as
a verification means but do not give much insight into overall be-
havior and do not provide a fast and effective way of optimization.

Additionally, there are limiting factors preventing higher frequency
and power density that resonant converters attenuate just slightly or
do not remove at all:

• Eddy currents in ferrite cores, skin and proximity effects in copper
conductors are a major source of losses in power transformers
that tend to rise significantly with the switching frequency. The
smooth waveforms of resonant converters do not help much.

• For converters operated directly form the power line, resonant
operation does not loosen isolation requirements nor enables any
size reduction in the ac-dc front-end (input bridge plus bulk
capacitor).

• Though resonant converters are more EMI-friendly, the parasitic
elements in the components of the filter (essentially the equiv-
alent series resistance, ESR, and equivalent series inductance,
ESL, of capacitors, and the interwinding capacitance of inductors
and chokes) tend to make the EMI filter ineffective at higher
frequencies anyhow.

• The higher the switching frequency, the more the noise generated
by the power switches makes the layout particularly critical to
the converter’s performance.

• Conduction and driving losses in switching devices. These losses
cannot be eliminated but the emerging technologies of SiC and
GaN switching devices, which approach ideal switches better than
silicon, are making this limiting factor less and less important.

Among the crowded multitude of resonant topologies appearing in
the literature and industry in the semicentennial history of resonant
conversion, in the last decade one topology has emerged and conquered
a dominant position: the LLC resonant converter.

Full text available at: http://dx.doi.org/10.1561/3100000029
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Figure 1.4: Typical applications and power supplies using the LLC resonant
converter.

Nowadays, this converter is at the heart of the power supply in
a wide range of electronic equipment powered from the ac line (see
Figure 1.4). This includes consumer applications (Desktop and AIO
PCs, TVs, high-power ac-dc adapters and chargers for laptop PCs),
lighting applications (street lighting and industrial lighting luminaires,
high power LED drivers), telecom, server and cloud computing power,
medical equipment, EV chargers and even open frame power supplies.
Whenever the power level approaches hundred watts, so that it cannot
be adequately served by flyback converters, or even at lower power
levels when there are special requirements on efficiency or form factor
constraints, the LLC resonant converter is prevalent.

At lower power levels (say, up to 500 W) the half-bridge implemen-
tation is the most common, at higher power levels designers prefer the
full-bridge implementation. Of course, there is no clear boundary: it all
depends on the specifications and requirements of the system as well as
on cost targets.

Full text available at: http://dx.doi.org/10.1561/3100000029
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In some cases, the LLC converter has enabled building the equipment
as we see it today (for example, flat screen TVs with the internal power
supply); in other cases, it has dethroned other topologies, like in the
case of the desktop PC power supply, where it has almost replaced the
forward converter, or the telecom power supply where it has significantly
undermined the supremacy of the phase-shift full-bridge converter.

There are other resonant conversion topologies offering the favorable
characteristics that we mentioned earlier, so what are the reasons for
the success of the LLC converter?

In the author’s view, the most sensible short answer is that the LLC
resonant converter provides these benefits at the lowest level of design
compromise. In other words, it offers nice properties without heavy
drawbacks: it can operate both as a step-up and a step-down converter
(this concept will be clarified in the following) with limited voltage stress
across the semiconductor devices and an rms-to-dc ratio of primary and
secondary currents only slightly larger than unity. Additionally, a wide
range of output power (including no-load conditions) can be controlled
with a relatively narrow variation of the operating frequency and always
maintaining soft switching operation for all the semiconductor devices.
To put the icing on the cake, all these benign properties can be obtained
almost for free. As we will see, the LLC converter can be obtained by
adding an inductor to the traditional series-resonant LC converter and
this additional inductor can be realized simply by introducing an air
gap in the power transformer.

With this picture in mind, it is odd that it took so long for the
industry to accept and adopt it. Its first appearance in the literature
dates back to 1988, whereas its massive industrial usage started in the
mid-2000s. There are several reasons for that, and it is not in the scope
of the present discussion to look for them. In the author’s opinion, it
was probably not that obvious that a significant magnetizing current in
the power transformer could bring so many benefits at such low cost,
hence the topology was overlooked for a long time.

To conclude this introductory picture, it is worth highlighting that
the LLC resonant converter, though considered today the ultimate res-
onant conversion solution, still shares some unfavorable characteristics
with the other resonant topologies. Complexity is one of them: there are

Full text available at: http://dx.doi.org/10.1561/3100000029
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at least six different useful operating modes plus others that are either
of no practical use or must be avoided at all. It is a strongly nonlinear
system, and its dynamic properties are particularly challenging to be
accurately described. After a “paper-design,” a substantial simulation
campaign needs to be done if one wants to really get the most out of it.
However, the promises of the LLC resonant converter were so alluring
that power engineers were not discouraged by that and struggled to go
along its learning curve to finally dominate its intricacies.

Full text available at: http://dx.doi.org/10.1561/3100000029



2
Historical Outline

In 1826 the experiments of Félix Savary, a French scientist, showed
the ability of an inductor-capacitor circuit to produce electrical oscilla-
tions [11]. The mathematical description of this circuit and its oscillation
frequency were first determined by Lord Kelvin in 1853. In 1886 James
Clerk Maxwell showed that the response of an inductor-capacitor circuit
to an alternating current was at its maximum when the frequency of the
alternating current and the natural oscillation frequency of the circuit
were the same.

The first practical application of inductor-capacitor circuits can be
found in the 1890s in the spark-gap radio transmitters, where they
allowed the transmitter and receiver to be tuned to the same frequency.
Heinrich Hertz, who associated the term resonance to the characteristics
of those circuits, and Guglielmo Marconi are probably to be credited as
those who most contributed to make their use in radio communications
practical.

To find the first application of resonant circuits (also termed tank
circuits or tuned circuits) having to do with power conversion we need to
jump to 1959, when Peter Baxandall [10] invented what today is called
the class-D dc-ac resonant inverter (or amplifier), a system capable of
converting dc power into ac power and that is the basic building block
of most of today’s resonant converters.

15
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16 Historical Outline

Figure 2.1: Probably the first resonant converter that appeared in the technical
literature [78].

To the author’s knowledge, the pioneer of resonant dc-dc power
converters is Francisc Schwartz, who in 1970 published his work on a
“load-insensitive series inverter-converter” [78] (Figure 2.1). With that
he built a 95% efficient, 2 kW LC resonant converter operated at 10 kHz
with silicon-controlled rectifiers (SCRs) as the power switches, achieving
a power density of 0.4 kW/kg. This converter was intended to be used
in an ion propulsion engine for spacecraft.

In a paper of 1976 [79], Schwartz improved his previous work by
introducing the concept of controlling the power flow by adjustment
of the phase angle between the excitation voltage and the resonant
current.

The 1980s marked significant advances in the theory. Worth noting
are the works from Vatché Vorpérian [87], in which he provided a com-
plete analysis of the series and parallel LC resonant converter, those of
Ramesh Oruganti and Fred Lee [66], [67] and that of Robert Steiger-
wald [83], which laid the foundations of the first-harmonic approximation
(FHA) analysis.

In addition to the LC series resonant converter, the parallel resonant
converter and the series-parallel resonant converter came onto the stage,
and in a paper by Erich Schmidtner [77] (Figure 2.2) in 1988, there was

Full text available at: http://dx.doi.org/10.1561/3100000029
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Figure 2.2: First appearance of LLC resonant converter in the technical litera-
ture [77].

the first appearance of the LLC resonant converter, though the name
LLC arrived later, initially attributed to a slightly different resonant
topology too.

In those years there was no noticeable industrial usage, just niche
applications (e.g., high-voltage PSUs in X-ray machines), though the
interest in resonant conversion in the community of power engineers was
growing dramatically. In the second half of the 1980s, the first resonant
control ICs appeared in the market: the LD405 and GP605 from Gennum
Corp. and the CS3805 from Cherry Semiconductors were likely the first
ones, soon followed by the UC3860 from Unitrode, the MC34066 from
Motorola, the CS360 from Cherry Semiconductors and many others [91].
They all were low voltage ICs with ground-referenced drivers, intended
to drive different types of resonant and quasi-resonant converters. To
use these ICs in half-bridge topologies, gate-drive transformers were
necessary to drive the high-side switch of the half-bridge leg. Noticeably,
at that time high-voltage bipolar transistors (BJTs) had replaced SCRs
as the power switches, and the transition from BJTs to MOSFETs had
already started.

Full text available at: http://dx.doi.org/10.1561/3100000029



18 Historical Outline

The first significant industrial usage began at the end of the 1990s
and the beginning of the 2000s. Two examples: Runo Nielsen pioneered
resonant power supplies in high-end audio equipment (inventing the
control method [62] that today with different flavors can be found in
some of the most advanced resonant controllers commercially available),
and Mike Archer, one of the pioneer contributors to the development of
resonant conversion technology [7], at EOS launched what was prob-
ably the first resonant ac-dc adapter for notebook PC in the market.
Production volumes were not big, but resonant converters had left their
niche and made their debut in the mass market.

There were two significant technology transitions and a technology
development that occurred in the early 1990s that ignited the start of
massive industrial usage.

The first transition was that of the electronic ballast for fluorescent
lamps that was quickly replacing the old-fashioned magnetic ballast. The
electronic ballast required inverters based on the half-bridge topology
and initially lamp makers had no other solution than using gate-drive
transformers and the associated discrete circuitry to drive the half-
bridge.

The second transition concerned the power switches: the MOSFET,
which appeared in the market in the 1980s, at that time was progressively
replacing bipolar transistors in almost all applications due to its superior
switching performance. Higher switching frequencies and power density
were possible by transitioning to MOSFETs.

Realizing the big potential of these changes in the lighting market,
Philips Semiconductors and STMicroelectronics jointly developed a high-
voltage (600 V) Si technology, followed soon by International Rectifier.
With that technology it was possible to build a high-voltage driver in a
silicon chip able to drive a floating switch directly. This kit part was
at the heart of the numerous high-voltage half-bridge drivers that were
launched in those years and that tremendously simplified the driving
circuitry of the inverter.

Soon the control functions for the lamp were integrated along with
the half-bridge driver to simplify the entire BOM of the inverter. These
high-voltage control ICs, which were launched in the market in the
second half of the 1990s, paved the way to the high-voltage resonant
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Figure 2.3: Flat screen TV SMPS using an LLC resonant converter.

controllers that were released at the end of the 1990s (ca 1998) and
boomed in the next decade. The L6598 from STMicroelectronics, the
TEA1610 from Philips (now NXP) and Motorola’s MC33068 were
probably the first high-voltage resonant controllers to be launched.

At the beginning of the 2000s there were some interesting studies that
highlighted the benefits of the LLC converter over the other resonant
topologies [35], [54], [92], and perhaps the growing awareness of its
value triggered the real explosion of industrial usage that started amid
the first and the second half of the 2000s. The killer application was
the flat screen TV (LCD and Plasma at that time), where the major
makers intended migrate the power supply from the external small trunk
used at that time to inside the chassis (thanks also to a progressive
reduction of the power demanded by the TV set). A very flat design
was needed, like that shown in Figure 2.3, and the LLC converter
appeared as the perfect answer and soon became dominant. Its usage
was progressively extended to many other applications also supported
by the proliferation of energy saving initiatives (e.g., 80+ program,
EU Code of Conduct, DOE, etc.) and by market requirements getting
more and more demanding. The growing industrial usage of the LLC
converter, in turn, brought a proliferation of research by both industry
and academia. As of today (June 2022), while another technology
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transition is progressively replacing the Si-based MOSFET with the
GaN HEMT (High-Electron-Mobility-Transistor), searching for “LLC
converter” on IEEE Xplore provides more than 2400 results.
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3
Definition and Classification of

Resonant Converters

Resonant converters are switch-mode converters that include a tank
circuit that actively participates in determining the input-to-output
power flow. They should not be confused with quasi-resonant converters,
where there is a tank circuit too, but its role is to just create the
conditions for soft switching (ZVS or ZCS) with no involvement in the
power transfer process.

In other words, in resonant converters the selective properties of a
tank circuit (i.e., the fact that it responds primarily to stimuli having
a frequency close to its resonant frequency and negligibly to other
frequencies) are used to control the amplitude of currents/voltages in
the converter and, ultimately, how much power transits from the input
source to the output load.

As a result, resonant converters are characterized by currents or
voltages that are essentially sinusoidal or piecewise sinusoidal. The low
higher harmonics content of its waveforms, along with the ability of
achieving soft switching for all the switching devices, explains why they
are truly EMI-friendly and excellent candidates for high power density
designs.
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Resonant 
tank circuit

Switch 
networkVindc Voutac

Resonant Inverter

Resonant 
tank circuit

Switch 
networkVindc Voutdc

Rectifier
Low-pass 

filter

Resonant Converter

Resonant Inverter

Figure 3.1: General block diagram of a resonant inverter and a resonant converter.

The family of resonant converters is an extremely broad one, and
providing a comprehensive picture is not an easy task. To help get one’s
bearings, it is possible to consider a property shared by most of, if not
all, the members of the family: they are based on a “resonant inverter”,
i.e., a system that converts a dc voltage into an ac voltage with low
harmonic content and provides ac power to a load, with the addition of
a rectifier and a low pass filter. This is illustrated in Figure 3.1.

Different types of inverters can be built, depending on the switch
network and the characteristics of the tank circuit, i.e., the number
of reactive elements it includes and their configuration [9]. Some as-
sumptions will be done to restrict the analysis within the limits of the
practical usage.

A fundamental one is that the switch network is connected to a
voltage source and the load seen by the tank circuit can be either a
voltage sink or a current sink. Additionally, the switch network drives the
tank circuit symmetrically in voltage and time to produce an ac square
wave voltage. Power flow will be controlled by frequency modulation,
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that is, by changing the frequency of the square wave closer to or further
from the tank circuit’s resonant frequency.

It is worth noting that in some cases, the switch network must be
coupled to the tank circuit through a dc blocking capacitor to maintain
the volt-second balance across the inductive components of the tank
and prevent their saturation. In other cases, one capacitor of the tank
circuit may double its function as dc blocking capacitor.

These assumptions restrict the switch networks to essentially the
half-bridge and the full bridge. In power amplifier terminology, switching
inverters using this kind of switch network are termed class-D resonant
inverters.

The order and the configuration of the tank circuit defines in-
verter’s/converter’s static and dynamic properties. The order of the
tank circuit is the number of reactive elements it includes. It is worth
mentioning that during a switching cycle, the order of the tank circuit
may change under some specific operating conditions. This is commonly
referred to as multi-resonance and, ultimately, results in a so-called
multi-resonant inverter/converter. In case this does not happen, the
converter is defined as a single resonant inverter/converter.

It is intuitive that the higher the order of the tank circuit is, the
larger the number of possible configurations will be. However, not all
these possible configurations are usable, and those that are practically
used are even fewer.

With two reactive elements (2nd order tank circuits) there are eight
theoretically possible configurations but only four of them are workable
with a voltage source input. Two of them, shown in Figure 3.2, are
commonly used: the LC series resonant tank (a) and the LC parallel
resonant tank (b).

With three reactive elements (3rd order tank circuits) the number
of different configurations is thirty-six, but only fifteen can be used in
practice with a voltage source input. Figure 3.3 shows the two most
used tank circuits: the so-called LCC because it uses one inductor and
two capacitors with the output port in parallel to one C (a), and its
dual configuration, the LLC, using two inductors and one capacitor,
with the output port in parallel to one L.
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Figure 3.2: LC Series (a) and LC parallel (b) 2-element tank circuits.

The LCC tank circuit of Figure 3.3 is the core of the inverter
commonly used in electronic lamp ballast for gas-discharge lamps.

With four reactive elements (4th order tank circuits) there are 182
possible configurations but those theoretically usable are less than 60.
The examples of usage of 4th order tank circuits are quite rare and
limited to very few of the usable configurations. Their practical meaning
is, above all else, that 3rd order tanks may become 4th order when
parasitic elements (junction capacitance, intrawinding capacitance, etc.)
are considered. Therefore, the effect of parasitic elements on the behavior
of 3rd order systems may be understood through the analysis of the
4th order system they generate.

As previously stated, for any resonant inverter there is one associated
dc-dc resonant converter, obtained by rectification and filtering of the
inverter output. Predictably, the above-mentioned inverters based on

Figure 3.3: LCC (a) and LLC (b) 3-element tank circuits.
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half or full bridge switch networks will originate the class-D resonant
converters.

Considering offline applications, the rectifier block will be coupled to
the resonant inverter through a transformer to guarantee the isolation
required by safety regulations. The rectifier block can be configured
as either a full-wave rectifier, which needs a center tap arrangement
of transformer’s secondary winding, or a bridge rectifier, in which
case tapping is not needed. The first option is preferable with a low
voltage/high current output; the second option with a high voltage/low
current output. In the latter case, the rectifier block may be configured
as a voltage doubler as well.

As to the low-pass filter, depending on the configuration of the tank
circuit, it will be made by capacitors only (voltage sink load) or by an
L-C type smoothing filter (current sink load). All these combinations of
rectifier plus low-pass filter are illustrated in Figure 3.4.

Diodes are shown as rectifiers for the sake of simplicity but in real
applications they are often replaced by other MOSFETs controlled to
emulate the behavior of diodes (synchronous rectification). In this way
conduction losses associated to rectification can be significantly reduced
and efficiency increased.

Synchronous rectification (SR), which will be discussed in more detail
in Part VI, Section 27, brings in several issues but also opens the door

Voltage sink load

Current sink load

Full-wave rectification Bridge rectification Voltage doubler

Full-wave rectification Bridge rectification Voltage doubler

Figure 3.4: Transformer-coupled rectifier plus low-pass filter combinations.
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Figure 3.5: 2nd order resonant converters: (a) LC series; (b) LC parallel.

to more opportunities. With an appropriate timing of the SR MOSFET,
it is possible to use phase-shift control to enhance some feature of the
converter or even provide bi-directional power flow capability.

The LC series and parallel resonant tanks of Figure 3.2 are at
the heart of the homonym 2nd order resonant converters, which are
illustrated in Figure 3.5 in their half-bridge version and thoroughly
treated in the literature [66], [67], [77], [83]. Notice that in the LC series
resonant converter the resonant capacitor Cr acts also as dc blocking
capacitor, whereas in the LC parallel resonant converter the two input
capacitors Cb are large so that they create a stiff point (HBAT) whose
voltage equals Vin/2. In the end, they block the dc component of the
square wave generated by the half-bridge and the voltage across Cr is
pure ac.

The LCC tank circuit of Figure 3.3 is the core of the homonym
resonant converter when coupled to a voltage sink load [62] and of the
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series-parallel resonant converter [83] when it is coupled to a current
sink load. They are both illustrated in Figure 3.6. Notice that in both
the series capacitor Cs acts also as dc blocking capacitor.

The LLC tank circuit is the core of the homonym converter that
will be the subject of the following discussion.

Figure 3.6: 3rd order resonant converters: (a) series-parallel converter; (b) LCC
converter.
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Synchronous Rectification

Secondary rectification losses are a major source of inefficiency in any
power converter. In an LLC resonant converter that processes power very
efficiently, they are very likely the top source of losses. Figure 27.1 shows
the loss breakdown in a typical LLC design based on diode rectification,
where the secondary conduction losses are clearly the biggest source of
loss, most of them located in the diode rectifiers.

The loss of efficiency due to the secondary rectification can be easily
estimated for any insulated converter. If VRect is the average forward
drop across the secondary rectifiers during conduction and Iout is the
dc (i.e., average) output current, the power output by the transformer
is (Vout + VRect) · Iout, while that delivered to the load is Vout · Iout.
If VRect was zero all the power output by the transformer would be
delivered to the load and efficiency would be unity; instead, the power
VRect · Iout is dissipated in the rectifiers and the resulting efficiency of
the rectification block is Vout/(Vout + VRect). Therefore the efficiency
loss caused by rectification is:

∆η = 1− Vout Iout
(Vout + VRect) Iout

= VRect
Vout + VRect

, (27.1)

which can be approximated with VRect/Vout if Vout� VRect.

334
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Figure 27.1: Loss breakdown in a typical LLC design with diode rectification.

With reference to the LLC converter, in the CT-FW rectification
configuration it is VRect = VF , in the SE-B rectification and voltage
double configurations it is VRect = 2VF , where VF is the drop across a
rectifier diode.

Normally, Schottky diodes are selected because of their lower forward
voltage drop that, for physical limitations, cannot be reduced below
approximately 0.3 V . Actually, Schottky rectifiers with an even lower
voltage drop are available (OR-ing diodes) but their reverse leakage
current is large enough to waste the benefit of a lower VF and their use
is not recommended.

To meet the demand of higher efficiency and higher power density,
key to the reduction of size and weight especially in portable or handheld
devices, in the late 1990s power designers began adopting Synchronous
Rectification (SR), i.e., using MOSFETs in place of diodes to achieve
the rectification function.

SR improves efficiency, reduces thermal performance requirements
allowing higher power density, increasing reliability and decreasing the
Total Cost of Ownership (TCO) of power supply systems.

In fact, the on resistance, RDS(on), of MOSFETs can be lowered,
either by increasing the die size or by paralleling multiple discrete devices
to the point that the resulting VRect of MOSFETs can be significantly
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Figure 27.2: Voltage drop of a 60 A Schottky diode vs. SR MOSFET with various
RDS(on).

smaller than the VF of a properly sized diode at a given current. This
is shown in Figure 27.2. Figure 27.3 shows the comparison of power
losses. Diode losses are almost linear with the load, whereas MOSFET
losses are parabolic, therefore at a current high enough diode losses can
be lower, as shown in the plot on the left-hand side. Notice that the
load level where SR losses equal diode losses is lower than that where
voltage drops are equal: losses in diode depend on both the dc level and
the rms level, those in SR MOSFETs depend on rms only.

Figure 27.3: Power losses in a 60 A Schottky diode vs. SR MOSFET with various
RDS(on): full range (left), zoom at low current range (right).
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The use of MOSFETs brings additional losses due to the energy
needed to drive their gate, however on the one hand MOSFETs generally
work with soft-switching so that they require less gate charge QG
and driving energy, on the other hand, MOSFET manufacturers have
constantly introduced new technologies featuring lower RDS(on) and
total gate charge QG, which have made SR more and more advantageous.
As shown in Figure 27.3 on the right-hand side, these driving losses are
anyway a loss pedestal that at very low current make total SR losses
higher than those in the diode. This suggests that at a very light load
it might be advantageous not to drive any more an SR MOSFET and
let their body diode conduct.

Just to give a quantitative idea of a typical efficiency gain that
SR can provide, it is useful to refer to Table 27.1, which shows the
comparison of the efficiency of the same unit, the 240 W LLC converter
specified in Table 22.2, with diode rectification and SR.

At full load there is an increase of 2.74% that becomes +2.42% at 50%
load. It is worth noting that a reduction of the power dissipated in the
secondary rectifiers means a lower power processed by the transformer
that, in turn, causes a slight reduction of the losses on the primary side.

The use of MOSFETs, in addition to the previously mentioned
benefits, also brings some issues. Of course, the need for controlling
the SR MOSFETS increases the circuital complexity, but this is amply
compensated by the benefits. The biggest issue in SR is that it creates
for the secondary current the possibility to reverse in case of improper
driving, which is something that does not happen with diodes. Since

Table 27.1: Efficiency comparison @Vin = 400V for the 240 W PSU specified in
Table 22.2.

Vout [V] Iout [A] Pout [W] Pin [W] η (%)

SR MOSFET
(2.5 mΩ, 40 V) 11.98 19.23 230.37 242.50 95.00

11.99 10.00 119.90 127.10 94.33
Schottky diode

(2 // 20 A, 40 V) 11.98 19.23 230.37 249.70 92.26
11.99 10.00 119.90 130.45 91.91
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MOSFETs are bidirectional devices, if they are erroneously turned on
in a time interval when a diode in their place would be reverse biased,
the secondary current will reverse.

A significant reversal may disrupt converter’s operation and lead to
catastrophic failures but even a modest reverse current can be a source
of troubles because a SR MOSFET turned off with a reverse current
will be subject to large voltage spikes that may exceed its rating. In
the end, current reversal is the number one enemy of SR and must be
prevented at all costs.

Essentially all topologies, both non-isolated and isolated, can be
synchronously rectified. In isolated topologies providing adequate gate
drive signals with the right timing to the SRs, to make them emulate
the behavior of a diode is more challenging.

As illustrated in Figure 27.4, there are two fundamental types of
driving techniques for SR MOSFETs of isolated topologies: self-driven
and primary-control-driven SR.

The primary-control-driven method utilizes the PWM signal gen-
erated on the primary side to derive the gate drive signal for the SR
MOSFET. This method requires an extra isolation circuit to trans-
fer the timing signal or the gate drive directly to the secondary side

Figure 27.4: SR driving methods for isolated topologies: classification.
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Figure 27.5: SR self-driving methods for isolated topologies: voltage-driven and
current-driven.

and is applicable when the conduction timing of the secondary side is
synchronized to the on and off timing of the primary side.

As regards LLC converters, this match in timing occurs only in a
CCM mode operation. In case of a DCM mode, since MOSFETs conduct
in both directions, the secondary current will reverse during the time
interval where it is supposed to be zero. This method, therefore, is not
recommended for LLC converters.

Self-driven SR can be done in two ways: voltage-driven and current-
driven. Their basic principle is shown in Figure 27.5 considering the
example of a forward converter.

In the voltage-driven method, the gate drive signals are taken from
the secondary winding directly or from an auxiliary winding of the
transformer, with just few external discrete parts or none at all in some
fortunate cases.

The method is simple and low cost but is suitable for voltage-fed
topologies with an inductive output filter, where the changes in the
polarity of the secondary winding voltage are driven by the primary
side. Besides, it works well when the secondary winding voltage is a
square wave.

Coming to resonant converters, this method could be applicable
to the LC parallel resonant converter (see Figure 3.5(b)) or the series-
parallel resonant converter (see Figure 3.5(a)). However, the sinusoidal
shape of the secondary voltage waveform makes the driving voltage low
at the beginning and the end of the conduction interval, causing higher
conduction losses.

The voltage-driven method is not applicable to the LLC converter,
which is a current-fed capacitor-loaded topology, where the polarity of
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the voltage on the secondary winding can change only after the SR
MOSFET is turned off (as long as current is flowing on the secondary
side, the voltage on the secondary winding is fixed at Vout).

With the current-driven method the current flowing through the
SR MOSFET is sensed and the information is processed by a control
circuit to turn it on or off properly. The good point is that this method
is applicable to any topology because a current-driven SR MOSFET
can in principle really emulate a diode.

Sometimes it is possible to find SR control solutions that are a
combination of the primary-control-driven method and the self-driving
current-driven method. In this case, the information from the primary
side is typically used to turn on the SR MOSFET and the current infor-
mation to turn it off. This methodology combines also the complexity of
the two approaches, so it is typically used when the conditions are such
that a full self-driving current-driven method does not ensure reliable
operation.

From now on the discussion will focus on the self-driving current-
driven method. The approach is apparently straightforward and perfectly
matching the characteristics of the secondary currents in the LLC
converter, which start from zero and go back to zero at the end of the
conduction period. We will see that, instead, it poses challenges that
are not easy to tackle.

The most appropriate way to sense the SR MOSFET current is by
using a current transformer, but in an LLC converter we need two of
them, which has a not negligible impact on PCB real-estate, power
losses and cost. For this reason, using the RDS(on) of the SR MOSFET
in the on state as a sense resistor has become an industry standard
current sensing method for SR control, available in many commercial
ICs (and not only for LLC converters).

This solution is successful despite its accuracy and reliability being
highly affected by several adverse factors. It is not only the tolerance
and the temperature dependence of the RDS(on) of the SR MOSFET
that come into play but also its package and the layout of the printed
circuit board (PCB). Last but not least, the fact that the control
operates on signals in the mV range that live together with gate driving
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Figure 27.6: Rectifier relocation in CT-FW configuration for ground-referenced
driving.

pulsed currents and secondary currents of several amperes makes its
implementation in a control IC all but simple.

SR Configurations in LLC Converters

As seen in Part II, Section 4, the rectifier block in LLC converters can
be configured as either a full-wave rectifier, which needs a center tap
arrangement of transformer’s secondary winding (CT-FW configuration)
or as a bridge rectifier, in which case tapping is not needed (SE-B
configuration). It is worth reminding that the first option is preferable
with a low voltage/high current output and the second option with a
high voltage/low current output. In the latter case the rectifier block
may be configured also as a voltage doubler (VD configuration).

In case of CT-FW configuration, replacing diodes with MOSFETs
needs a preliminary relocation of the rectifiers so that they can be
driven ground-referenced. The steps of this modification are shown in
Figure 27.6. Each rectifier is moved to the other side of each half-winding
so that their anode is connected to ground, then they can be replaced
by source-grounded SR MOSFETs that can be easily driven. Notice
that the SR MOSFETs will normally work in the third quadrant, i.e.,
current will flow from the source to the drain.

In case of SE-B rectification, replacing all diodes with MOSFETs
necessarily involves SR MOSFETs that need a floating driver. Sometimes
an acceptable cost-performance tradeoff is represented by the so-called
semi-active bridge, where only the two low-side diodes of the bridge are
replaced by MOSFETs. Both solutions are shown in Figure 27.7.

Of course, it is possible to synchronously rectify also the voltage dou-
bler configuration, which essentially requires a half bridge leg. However,
normally the voltage doubler configuration is used when the output

Full text available at: http://dx.doi.org/10.1561/3100000029



342 Synchronous Rectification
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Figure 27.7: Synchronous SE-B rectifier configurations.

voltage is very high, where synchronous rectification offers quite limited
benefits, so it will not be taken into consideration.

Normally in the SE-B rectification the driving scheme of the four
SR MOSFETs aims to emulate the behavior of the diode bridge, where
the two diagonals conduct alternately: SR1 and SR4 are driven on and
off simultaneously, like SR2 and SR3 but with opposite phase. In this
case the control action can be exercised on the low-side MOSFETs only
and the control requirements and solutions are not different from those
of the CT-FW configuration.

With different driving schemes, where for example there are time
intervals where SR1 and SR2 (SR3 and SR4) are both in the on state,
or by properly shifting the driving signals of the primary side switches
in a full bridge with respect to those of the SR MOFETs, it is possible
to enhance some feature of the converter or even provide bi-directional
power flow capability. These aspects are beyond the scope of the present
discussion and will not be considered.

In the end, we will concentrate the following discussion on the CT-
FW configuration where the SR MOSFET are controlled with the self-
driving current-driven method, and with the implicit assumption that
all that will be said can be extended to the case of SE-B configuration
as well.

The system we will refer to is illustrated in Figure 27.8. Its operation
can be simply described as composed by three phases that are equal for
both secondary half windings:
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Figure 27.8: Synchronous CT-FW configuration (reference).

(1) The secondary current through either half winding (IS1 or IS2)
starts flowing into the corresponding SR MOSFET body diode.

(2) The SR controller detects the diode conduction (drain-source volt-
age becomes slightly negative) and switches on the SR MOSFET;
notice: this is a ZVS turn-on anyhow.

(3) The SR controller detects that the current of the SR MOSFET
in the on state is zeroing and switches it off.

To implement this ideal behavior, illustrated in Figure 27.9, the SR
controller will be provided with at least a pair of comparators. The
first one will be referred to a slightly negative voltage VTH_ON and
responsive to a negative-going edge of the drain voltage VDS to detect
the onset of the body diode conduction and drive the SR MOSFET on.
The second comparator (Zero-current comparator, ZCC) will be referred
to a negative voltage VTH_OFF very close to zero and responsive to a
positive-going edge of the drain voltage VDS to detect the zeroing of the
current in the SR MOSFET and whose output is used to switch it off.
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Figure 27.9: Ideal behavior of a SR MOSFET in LLC converters.

Before examining in detail the challenges posed by the SR control, it
is convenient to re-examine the shapes of the secondary currents under
the various operating conditions that have been described in Part III,
Section 10.

Figure 27.10 shows the typical secondary current in a half winding
and the cathode-to ground voltage across the rectifier (a diode), along
with the gate drive waveform that the SR controller should generate.

At turn-on, the secondary current shows a step-change that is smaller
at resonance and below resonance, and a bit larger above resonance.
This is due to the parasitic capacitance of the secondary rectifiers,
which has been discussed in Part III, Section 10 and Part IV, Section 17
dealing with the feedback reversal phenomenon. This initial current
causes the secondary rectifiers to lose exact ZCS at turn-on, but as long
as the secondary current is large enough this initial current is embedded
in the current generated by the normal energy transfer mechanism and
does not pose any special problem to the SR control.
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Figure 27.10: Secondary-side current and voltage at full load in a half-winding of
CT-FW.

However, at light and very light load the superposition of the two
contributions can even split, originating two distinct conduction inter-
vals, as depicted in Figure 27.11 that shows the same waveforms as in
Figure 27.10 with a progressively lower load from left to right.

ZCS at turn off is confirmed under all conditions. The most critical
situation for the zero-current detection to turn off the SR MOSFET
is above resonance, where the last portion has a very large di/dt thus
requiring ultra-fast detection and turn-off.

SR Control Challenges: SR MOSFET Turn-On

Let us assume that the converter is operating at a load not too light,
such that the waveform of the secondary current is like one of those
shown in Figure 27.10 or like the first two scope pictures from the left
of Figure 27.11.

Figure 27.11: Secondary-side current and voltage vs. load in a half-winding of
CT-FW.
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As mentioned earlier, the SR MOSFET should be turned on when
VDS becomes more negative than VTH_ON , a slightly negative threshold
(e.g., −0.3V ), which denotes that body diode is about to conduct.
However, as the SR MOSFET is turned on, its VDS collapses from the
drop −VF of forward biased diode to a very low value (VDS(on) = −ISR ·
RDS(on)) and this could be erroneously taken for current zeroing should
this voltage exceed the turn-off threshold. This is quite likely because
ISR is initially small, thus the SR MOSFET could be prematurely
turned off.

To prevent this erroneous behavior the SR controller typically pro-
vides a blanking time during which the ZCC output is ignored, to let
ISR(t) build up below the zero current detection threshold. This is
illustrated in the time diagram of Figure 27.12.

This blanking time is useful to filter the noise generated by the
SR MOSFET turn-on too. This noise can be anyway minimized by
using a gate driver with a low source current capability: in fact, the SR
MOSFET is turned on with ZVS so there is no need to turn it on fast.

The blanking time determines a minimum on-time for the SR MOS-
FET, thus its duration will be a tradeoff between preventing the SR

ISRVDS

Blanking 
time

gate drive

blanked turn-off 
threshold crossing

VTH_ON

VTH_OFF

Figure 27.12: SR controller operation at turn-on of SR MOSFET: turn-off blanking
time.
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MOSFET from misbehaving during normal operation and the need of
turning it off as quickly as possible in case of an abnormal operating
condition that causes the secondary current to reverse just after the
beginning of the conduction period.

As visible in the rightmost oscillogram of Figure 27.11, when the
load is very light the initial non-conductive period of the DCMAB
mode lasts longer than the duration of the initial current injection so
that there are two distinct conduction intervals in a half-cycle. The
initial spike also has an amplitude comparable to that of the “main”
conduction.

The initial current may prematurely turn-on the SR MOSFET, i.e.,
when the secondary voltage is not yet large enough to make it work
in the third quadrant, as shown in the timing diagram of Figure 27.13.
Therefore, as the capacitive injection ends, the secondary current will
reverse until the secondary voltage builds up to the point that the main
conduction starts. This current reversal discharges the output capacitor
acting as a sort of dummy load, which increases the rms current, lowers
efficiency, and may induce the converter to oscillate.

gate drive

ISR

premature 
turn-on

reverse 
current

VDS

gate drive

ISR

desired turn-on 
options

VDS

Figure 27.13: SR controller behavior at turn-on of SR MOSFET with a very light
load.
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Ideally, either the turn-on should be delayed until the main con-
duction takes place or accept a dual turn-on/turn-off in a switching
half-cycle. The first solution costs some power loss due to the flow of
the initial current through the body diode, then with a much larger
voltage drop, the second implies a waste of driving energy. Both so-
lutions adversely affect the input power consumption and the better
option depends on the specific design.

An elegant implementation of the first solution is an adaptive control
that automatically synchronizes the turn-on instant to the main con-
duction interval under essentially all operating conditions. Its operation
can be described with the aid of Figure 27.14 and includes the following
steps that are equal for both secondary half windings:

(1) When the drain-source voltage VDS falls below the turn-on thresh-
old VTH_ON the SR MOSFET is turned on after a certain delay
TD_On . This delay is initially set at a certain point of the adjust-
ment range, which is normally proportional to the duration of a
switching half-cycle.

(2) After a blanking time TBLK following turn-on (to prevent a pre-
mature turn-off), if current reversal is detected (ZCD event),
the delay TD_On is increased in the next conduction half cycle,
otherwise it is unchanged.

(3) If no current reversal occurs in a given number of consecutive
switching cycles, the delay TD_On is decreased in the next conduc-
tion half cycle to check if conditions have changed and a shorter
TD_On is sufficient to prevent current reversal.

This functionality, with slight variations, can be found in several
commercial ICs.

SR Control Challenges: SR MOSFET Turn-Off

Despite the secondary rectifiers always turn off with ZCS, generating
the proper timing of SR MOSFET turn-off is far from being trivial,
rather it is probably the most challenging aspect of SR control.
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Figure 27.14: Principle of adaptive turn-on delay.

On the one hand, the SR MOSFET must be turned off before the
secondary current reverses to prevent all the troubles that even a slight
current reversal causes. On the other hand, if the SR MOSFET is turned
off too early, current will go on flowing through the body diode, then
with a much higher voltage drop and, consequently, much higher power.
This will significantly hurt efficiency, so the residual conduction time, if
any, should be as short as possible.

Fulfilling both requirements under all static and dynamic operating
conditions is the challenge, which is made sharper by the non-monotonic
shape of the secondary current waveform.

As previously said, in principle the matter is quite simple: since
we are sensing the drain source voltage, VDS(on) = −ISR · RDS(on),
a comparator referred to a negative voltage very close to zero and
responsive to a positive-going edge of the drain voltage (ZCC) will serve
the purpose of detecting the zeroing of the current. However, there are
several issues that need to be addressed.

A first issue is represented by the accuracy of the turn-off threshold
VTH_OFF : its value is in the mV, the same order of magnitude as the
input offset voltage of a real-world comparator, which can therefore be
the biggest source of inaccuracy. The input offset can be reduced by
making the input differential pair physically bigger but this slows down
the response of the ZCC, and here we need to be very fast in detecting
the zero-current condition and turning off the SR MOSFET (typically
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less than 30 ns). Techniques such as chopper amplifiers, autozeroing or
other offset cancellation techniques can be utilized to reduce the input
offset to levels that have a minor impact on the threshold accuracy.

A second issue is the ZCC propagation delay and its dispersion, i.e.,
its dependence on temperature, slope of the input signal and overdrive
(no common-mode dependence in this case, since the comparator is
essentially referred to zero). Special circuital configurations and design
techniques are necessary to achieve a very fast comparator with low
propagation delay dispersion because the ZCC is required to work with a
very small input signal, then with a very small slope, and tiny overdrive.

As to the gate driver, whereas a low source capability is required
to turn the SR MOSFET on, a much larger sink capability (several
Amps) is needed to turn the SR MOSFET off as quickly as possible.
Additionally, also its propagation delay must be very short (in the 10 ns)
because it adds up to the propagation delay of the ZCC to determine
the overall turn-off delay of the SR controller.

In addition to these implementation issues, there are a couple of
system-level issues that need to be taken into consideration.

A first system-level issue can be easily solved: realistically, the
SR MOSFET will be turned off slightly before its current zeroes, to
have some safety margin against current reversal. Therefore, its VDS
will suddenly go from nearly zero to −VF to let the residual current
flow through the body diode of the SR MOSFET until it actually
zeroes. The turn-on threshold VTH_ON will be definitely crossed but
this must not cause the SR MOSFET to turn on again. Typically, either
a blanking time after turn-off or an appropriate control logic can prevent
an erroneous turn-on.

A second issue, the so-called inductive early turn-off illustrated
in Figure 27.15 along with its root cause, is much more difficult to
solve and has been the topic of extensive research over the last fifteen
years [20], [21], [27], [29], [31], [32], [34], [47], [89].

The intent of measuring the drop across the SR MOSFET RDS(on)
is deceived by the packaging of the SR. The stray inductance of the
package (and the PCB traces if the layout is not well optimized), makes
the sensed drain-source voltage VDS differ from the drop VON across
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RDS(on):

VDS (t) = RDS(on)ISR (t) + Lstray
dISR (t)
dt

, (27.2)

where Lstray = Lsource + Ldrain + Ltrace. Therefore, in the final part
of the half-cycle, where dISR(t)/dt is negative, the drop on Lstray is
negative and the sensed voltage VDS is smaller than VON . As a result,
VDS will cross the turn-off threshold VTH_OFF well before VON would
do, causing the SR MOSFET to turn off when ISR is still well above
zero. ISR will go on flowing through the body diode until zeroing, but
the higher voltage drop will significantly hurt efficiency.

VTH_OFF

VDS

ISR

desired
turn-off
instant

actual
turn-off
instant

TLEAD

VTH_ON

gate driving

VON

VONVON

Lsource

Ldrain

RDS(on)

Ltrace

Cpin

to transformer
SR controllerSR MOSFET

VDS

ISR

Lstray = Lsource + Ldrain + Ltrace

Figure 27.15: Inductive early turn-off: root cause (left), key waveforms (right).

Considering that VTH_OFF is so small that it can be considered zero,
the leading time TLEAD shown in Figure 27.15 i.e., how much earlier the
SR MOSFET turns off with respect to the actual zero of the secondary
current, can be estimated with the following formula:

TLEAD = 1
2πfsw

tan−1
(

2πfsw
Lstray
RDS(on)

)
. (27.3)

Lstray and RDS(on) are the parameters of a lossy inductor represent-
ing the SR MOSFET in the on-state and the argument of the tan−1

function can be regarded as the quality factor Q of this inductor.
The plot on the left-hand side of Figure 27.16 shows the plot of the

normalized TLEAD (2TLEAD · fsw) given by (21.46) as a function of fsw
for different values of the ratio Lstray/RDS(on), where RDS(on) is fixed
at 10 mΩ and the typical value associated to various packages is used
for Lstray ; the plot on the right-hand side of Figure 27.16 shows the plot
of the normalized TLEAD as a function of the quality factor Q of the
lossy inductor representing the SR MOSFET in the on-state.
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Figure 27.16: Normalized Tlead vs. switching frequency fsw for different packages
(left); normalized TLEAD vs. Q of Lstray lossy inductor.

Note that if Q is sufficiently small, then tan−1(Q) ≈ Q, therefore
TLEAD can be approximated by:

TLEAD ∼=
Lstray
RDS(on)

. (27.4)

This is represented in the plot on the right-hand side of Figure 27.16
by the blue line. Eq. 27.4 provides an overestimate of TLEAD not ex-
ceeding 10% as long as Q < 0.569.

Therefore, for a given RDS(on) the selection of the package is of cru-
cial importance to determine the extent of the inductive early turn-off.
The higher the switching frequency is, the more its stray inductance
impacts on that. A package like the popular TO220 originates a signifi-
cant TLEAD even at low frequency, so it is inadequate for high frequency
designs, where packages like DirectFET® or PowerflatTM are preferred.

For a given package i.e., for a given Lstray , the lower the RDS(on) is
the longer TLEAD is, and this might limit the usage of very low RDS(on)
MOSFETs and create the need of a tradeoff.

In any case, as much as the inductive early turn-off can be mitigated
by appropriate design choices, normally it cannot be reduced to the
point that its impact can be disregarded. Thus, it has become a common
requirement for SR controllers to address this issue with the objective
of making it negligible.

Now we will go through four of the most common strategies used in
industry for minimizing the inductive early turn-off issue.

• Strategy one: RC compensation [20].
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Figure 27.17: Inductive early turn-off compensation by RC circuit.

As illustrated in Figure 27.17, the signal for the VDS sensing input
goes through an RC low-pass filter (RA, CA). As usual, the SR
MOSFET is turned off when VDS exceeds the turn-off threshold
VTH_OFF .

If the time constant RA CA of the low pass filter equals the
time constant associated to the lossy inductor, Lstray/RDS(on),
the inductive early turn-off will be compensated.

The tolerance of RDS(on) and its changes with temperature limit
the effectiveness of the compensation. Another shortcoming is that
in practice the time constant needs to be tuned for the worst-case
VDS rate of rise, which occurs above resonance, where the last part
of ISR has a very high di/dt. This means that at resonance and
below resonance the inductive early turn-off will not be optimally
compensated.

The simple addition of the RC low-pass filter delays not only the
turn-off instant but also the turn-on instant because it delays and
slows down the negative-going edge of VDS , so that this will cross
the turn-on threshold VTH_OFF later.

This additional turn-on delay extends the duration of the con-
duction through the body diode, thus deteriorating efficiency. To
minimize this additional delay a bypass diode RB is backward
connected in parallel to RA. Its junction capacitance along with
its low forward impedance will act as a speed-up.

The oscilloscope plots of Figure 27.18 show the effect of the RC
compensation.
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Figure 27.18: Inductive early turn-off compensation and turn-on optimization.

• Strategy two: VDS regulation [60].

With this technique, depicted in Figure 27.19, as VDS exceeds
a preset threshold Vreg (e.g., -30 mV), the gate-drive voltage is
modulated to keep VDS = Vreg until the gate-drive voltage falls
below the gate threshold or the current zeroes, whichever occurs
first. Usually a turn-off threshold VTH_OFF is provided anyway as
a safety guard against current reversal. If VDS exceeds VTH_OFF
the gate of the SR MOSFET is quickly pulled to ground with a
low impedance switch.

Figure 27.19: VDS regulation principle.
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The principle behind this approach is that as current approaches
zero and the gate-drive voltage approaches the threshold of the
SR MOSFET, its RDS(on) increases, thus TLEAD is reduced, and
the inductive early turn-off issue minimized. Additionally, the SR
MOSFET can be switched off more quickly when current zeroes
because the gate-drive voltage is close to the threshold.

• Strategy three: Adaptive turn-off [21].

The control algorithm, graphically illustrated in Figure 27.20,
minimizes the conduction time of SR MOSFET body diode after
it turns off.

Leveraging the inductive early turn-off, a turn-off delay is initiated
from the instant when the zero-crossing of VDS detected. This
delay is updated cycle-by-cycle in small steps to obtain a body
diode conduction time not exceeding a preset duration (e.g., 80 ns).
Once the preset duration has been reached, The actual duration
of the body diode conduction time jitters by one adjustment step
around the target value. This residual conduction time is a safety
margin against current reversal in case of changes in the operating
conditions.

A fast comparator referred to a slightly positive threshold prevents
current reversal in case of fast transients.

• Strategy four: Stray inductance compensation [61].

This technique considers an external compensation inductor Lcomp
(if its value is less than 10 nH, it can be realized with a PCB trace;
rule of thumb: Ltrace ∼= 7 nH/cm), and a dedicated compensation
input in the SR control IC, as shown in Figure 27.21.

The source sensing input of the SR control IC represent the 0
V reference voltage; considering the direction of the secondary
current ISR(t) the voltage drops across Lsource, Ldrain , Ltrace and
RDS(on) are conventionally negative, whereas the voltage drop
across Lcomp is positive. The voltage on the drain sensing input
and that on the compensation input are internally summed and the
resulting signal is compared to the turn-off threshold VTH_OFF .
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Figure 27.20: Adaptive turn-off principle.

If Lcomp = Lsource + Ldrain + Ltrace, the inductive drops are equal
and cancel each other, so that the controller sees VRDS(on) only.

Printed Circuit Board Layout Hints

A proper PCB layout is essential for good operation of synchronous
rectification. Below are a few hints that can help make a successful
implementation. Figure 27.22 shows an example.

• Route the output current loop as short as possible by connecting
the drain terminals of the SR MOSFETs as close as possible to
the respective transformer “hot” terminations, and the source
terminals close to the ground terminals of the output capacitor

LsourceLdrain RDS(on)Ltrace Lcomp

Isr(t)

Drain 
sensing

Source 
sensing

Compensation 
input

VLsourceVLdrain VRDS(on)VLtrace VLcomp0 V

SR MOSFET equivalent circuit
ISR(t)

Figure 27.21: Stray inductance compensation operating principle.
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Figure 27.22: Exemplary PCB layout.

and as close as possible to one another. If the connection of the
center tap to the positive terminals of the output capacitors cannot
be short, consider bypassing it to ground with ceramic capacitors.

• Design the PCB and place the SR MOSFETs as more geometri-
cally symmetrical as possible with respect to the transformer, to
make circuit operation as electrically symmetric as possible. This
includes routing the connection between the drain of the two SR
MOSFETs and the transformer terminals symmetrically to one
another.

• Use “Kelvin sensing” to sense VDS , placing the connections as
physically close as possible to the drain and source terminals of
the SR MOSFETs.

• Route the trace that connects MOSFET sources to the ground
pin of the control IC as short as possible and separately from the
load current return path.

• Use bypass ceramic capacitors between the supply pin and the
ground pin of the IC, located as close to them as possible.
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• If the control IC has the ground pin that carries both the return
of the device bias current and that of the gate drive currents,
this ground pin should be routed to the common point where the
source terminals of both SR MOSFETs are connected.
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Interleaving of LLC Resonant Converters

Multiphase converters are a parallel combination of two or more switch-
mode converters in any topology (typically the same for all), in a way
that they share the same voltage source and provide power to the same
load.

Multiphase converters are used when it is impossible or economically
disadvantageous to comply with the design specifications with a single
converter. The most common situation in which this approach is used is
at a high power level: the total power demanded by the load is shared
among a number N of converters, each one designed to carry 1/N of
the total.

Very often in multiphase converters, control methods are actuated
that essentially consist in staggering the pulse trains that control each
converter in an appropriate manner. This is what is typically called
interleaving. More specifically, interleaving consists in separating the
signals used to drive each stage at the same frequency by some phase
difference, with the total phase on all signals equal to 180◦ or 360◦,
according to the topology and design purpose.

With interleaving it is possible to provide a multiphase converter
with properties that the individual converter does not possess.

359
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Compared to single-phase converters, multiphase interleaved con-
verters offer the following benefits:

(1) Multiphase converters extend the obtainable power range. Single-
phase converters work well up to a certain amount of current, at
higher currents power dissipation and efficiency start to become
an issue. As previously mentioned, with an N-stage multiphase
converter each individual stage manages 1/N of the total power,
which reduces each stage’s current to more manageable levels.

(2) Compared to a single-phase approach, in a multiphase converter
the ripple current superposition at the input or the output results
in a lower – sometimes theoretically zero - overall ripple and a
lower ripple voltage across the input or output capacitors. The
number of input or output capacitors and their ac ripple rating
can be reduced.

(3) The differential-mode input or output EMI filtering requirements
decrease in a multiphase converter due to the reduced ripple
current.

(4) Compared to a single-phase converter carrying the total power,
with the multiphase approach the size of the magnetic devices
(inductor and transformers) are drastically reduced because of the
lower rms current and saturation current requirements. The form
factor of multiphase converters is generally better than that of a
single converter carrying the same power.

(5) In multiphase converters the load transient performance can be
improved. In the end, a system of N interleaved converters, each
operating at a frequency fsw, behaves as a single converter working
at a frequency N ·fsw, then potentially faster to react.

(6) In multiphase converters the efficiency can be kept very high on
a broader load range resorting to the so-called phase shedding,
i.e., shutting down the unnecessary phases when the load is low
enough to be managed by a lower number of phases, and therefore
reducing the losses associated to switching. For example, in a
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system of three interleaved converters, one can be shut down
when the load is lower than 2/3 of the full load, and a single
converter can be left running when the load is lower than 1/3 of
the full load.

Of course, the price to pay for these benefits is a greater system and
control complexity, but this is normally worth the trouble.

It would be then very beneficial to adopt the multiphase approach
in LLC converters too, especially when handling higher power levels
(roughly, > 1 kW) or when there are special requirements on form factor
or efficiency over a wide load range. In particular, LLC converters may
benefit from using interleaving to reduce the output current ripple,
which is one of their few drawbacks (refer to Table 4.1).

The bar chart in Figure 28.1 shows the theoretical output ripple
amplitude reduction as a function of the number of phases. Compared to
a single-phase converter, with two phases the ripple amplitude becomes
about 1/5, with three phases about 1/11. Increasing the number of
phases the ripple amplitude is reduced even further but the improvement

Figure 28.1: Output current ripple reduction in interleaved LLC converters vs.
phase #.
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becomes marginal while the system complexity and cost increase almost
proportionally.

From the practical standpoint, special cases excluded, there is no
point in going over 4 phases (which attenuate the ripple 20 times) and
the majority of applications can be addressed with two and three phase
interleaving.

While interleaving in PWM-controlled converters is relatively
straightforward, this is not the case in resonant converters in general,
and in LLC converters in particular. In fact, with the LLC converter
load sharing, the capacity for the individual stages of equally sharing
the current to be sourced to the load, is troublesome. This will be the
focus of the discussion in this section.

Load Sharing Issue in Interleaved LLC Resonant Converters

Let us consider two nominally equal LLC converters that are paralleled
with the intention of building a multiphase interleaved LLC converter.
It is worth noting that to meet this goal, the output currents must be
phase shifted by 180◦; however, considering the frequency doubling effect
of the secondary rectification (the secondary current has a periodicity of
a switching half-cycle), the PWM pulse trains driving the primary-side
switches must be phase shifted by 90◦.

Despite nominally equal, the actual values of the parameters of
the two resonant tanks (Ls, Lp, Cr) will not be the same, due to the
tolerance of the physical components. Typically, Ls and Lp have 8–10%
tolerance while Cr can be selected in a 5% tolerance series. Tighter
tolerances entail a part selection (binning) to exclude those parts that
are out of the desired tolerance band. This practice is typically not
recommended in mass production because it is expensive and time
consuming.

The effect of these tolerances is that the two tank circuits will
have different resonance frequencies fR1, fR2. It is possible to deduce
the consequences of this difference based on the FHA model of the
converters and using the plot of the voltage gain |M(x, k,Q)|. To do
so, let us refer to the diagrams of Figure 28.2 that illustrate the effects
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Figure 28.2: Gain mismatch due to tolerance of tank circuits in LLC converters.

of the mismatch of fR1, fR2, assuming for simplicity that the ratio
k = Lp/Ls is unchanged.

Interleaved converters operated at the same frequency fsw (they
must be, to keep a fixed phase difference) have different normalized
frequencies (xa = fsw/fR1a 6= xb = fsw/fR1b), thus they have different
dc gains Ma, Mb if operated with the same Q (i.e., the same load), as
shown in the |M | plot on the left-hand side. This violates the initial
assumption of paralleled converters, which have the same input and
output voltage.

Vice versa, if operated with the same voltage gain M as shown in
the |M | plot on the right-hand side, they have different Q values, Qa,
Qb. Consequently, the converter with a higher gain has a higher Q and
delivers the most power, the other may be even nearly unloaded.

For a better understanding of the issue, and with the aim of develop-
ing some design guidelines to help minimize the effects of the component
tolerance on load sharing, it is interesting to analyze the impact of the
tolerance of the individual components. This analysis is reported in [30]
and can be synthesized in the following points:

• The mismatch of the upper resonance frequencies fR1a, fR1b has
by far the largest impact. The reason is the low output impedance
in the vicinity of the upper resonance frequency, where the voltage
gain is unity (load-independent point).

• The impact of the parallel inductances Lpa, Lpb mismatch is small
in the above resonance operation, more accentuated in the below
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resonance operation. This is consistent with the fact that the
lower resonance frequency fR2, which is associated to Lp, shows
up in the below resonance operation only.

• The characteristic impedance mismatch (i.e., the mismatch of the
Ls/Cr ratio) has a small impact under all operating conditions.

To get a quantitative idea, [30] reports that in a 2-phase interleaved
LLC converter, assuming that the tolerance of Ls, Lp, Cr is ±2.5% for
all of them (which is possible in mass production only using binning),
the worst-case load sharing error is larger than ±20% when operating
at resonance at full load, and the sharing error gets even higher at lower
output loads.

From a practical point of view, it is important to have a good load
current sharing between phases when their mismatch degrades converter
characteristics or performance, or causes significant stress or thermal
differences that in the long run may cause reliability issues.

For example, unequal load sharing causes a larger output current
ripple (see Figure 28.3) that, in turn, causes a larger output voltage
ripple and an increase in stress on the output capacitor bank. This
means that load sharing is critical especially at heavy and intermediate
load. In a system with phase shedding, good load sharing should be
ensured down to a power level where a single phase remains active.

Figure 28.3: Secondary currents superposition in a 2-phase interleaved LLC con-
verter: no mismatch (left), 2.5% mismatch of resonant capacitors (right).

This high sensitivity of load sharing performance to component value
mismatches prevents the use of multiphase interleaved LLC converters

Full text available at: http://dx.doi.org/10.1561/3100000029



365

without some workaround. It is worth mentioning that power losses
act as a balancing element and an analysis made taking them into
account shows that load imbalance is smaller than one would expect
using simpler ideal models. However, it makes little sense to denature
the high efficiency property of the LLC converter to enable a better
load sharing.

The question is then how to compensate for the resonant tank
mismatch and force phases to share load current equally (current bal-
ancing).

As previously mentioned, the frequency of the VHB square wave
applied to each tank current must remain the same for all phases, oth-
erwise the superposition of the currents of each stage will continuously
oscillate at the beating frequency. In principle, the duty cycle of VHB
could be moved from 50% to increase the converter’s gain, but doing so
is not recommended because it will simply shift the problem elsewhere:
from load current imbalance between phases to current imbalance in
the two half-cycles of the duty-modulated converter.

We need an extra degree of freedom, like in a full bridge where the
phase-shift of the two switching legs can be used for this purpose.

Considering 2-phase interleaved LLC half bridges, it is possible to
mitigate the effects of mismatch with an appropriate design of the tank
circuits (passive method). For a significant reduction of the effects of
mismatch, one should consider some active method.

Considering 3-phase interleaved LLC half bridges, self-balancing
topologies exist and an example will be given in the following discussion.

Designing Tank Circuits for Interleaving

To mitigate the effects of tank circuit mismatch on load sharing, the
individual converters should be designed so that their dc gain does not
change much in case of fR1 mismatch that, as stated in the previous
section, is the major responsible for unequal load sharing.

In addition to that, it is intuitive that the more converters tend to
behave as voltage sources, the more the effects of their mismatch increase:
just think of what happens when trying to parallel voltage sources.
Therefore, the individual converters should be designed to behave more
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as current sources i.e., designed for a higher output impedance Zout
and to be operated in a frequency region where the output impedance
Zout is higher. The FHA analysis can provide some insight.

Firstly, looking at the plot of |Zout|, on the left-hand side of Fig-
ure 28.4, the individual converters should not operate at resonance,
where Zout is theoretically zero (low in real-world operation).

Looking at the plot of |M | on the right-hand side of Figure 28.4, all
|M | curves cross the load-independent point (1, 1) with a −2/k slope;
around that point, curves with Q larger than a certain value (roughly
corresponding to the blue curve) have a lower slope below resonance
and a higher slope above resonance.

Figure 28.4: |Zoutn| plot and |M | plot suggest design rules to mitigate mismatch
effects.

Therefore, based on these observations, the tank circuit should be
designed according to the following three guidelines:

• To minimize the impact of fR1 mismatch, the tank circuit should
be designed with a low |M | curve slope, then a high k = Lp/Ls,
but with some care (see the last point).

• To achieve a higher Zout, the tank circuit should be designed with
a high characteristic impedance Z0 = (Ls/Cr)

1
2 (i.e., high Ls, low

Cr).

• Since Q = Z0/Rac, a high Z0 implies a high Q; to reduce the slope
of the |M | curve with increasing Q, the converter must be operated
below resonance. Notice that with higher k values the rate of rise
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of the output impedance Zout with decreasing frequency in the
below operating region gets smaller. Then k should be increased
as long as the benefit of a lower slope of |M | prevails on the lower
Zout rate of rise.

This approach, however, has some significant shortcomings, specifi-
cally:

• Working away from resonance worsens efficiency in nominal condi-
tions: operating always in DCMB mode below resonance involves
a worse form factor of both the primary and secondary currents,
leading to higher conduction losses.

• Each converter will work closer to the capacitive mode region. Care
must be taken to safely handle out of spec operating conditions
(e.g., an input voltage lower than the minimum specified).

• Ultimately, the load current mismatch is mitigated but still sig-
nificant; as a result, each converter must be designed for a power
considerably larger than their theoretical share of the total power.

Active Interleaving in 2-Phase Interleaved LLC Half Bridge Converters

Several current balancing methods have been proposed to solve the load
sharing issue. In this section some of these methods, referred to 2-phase
systems, will be reviewed.

• Series-parallel connection [51], [52]
With this technique, the input voltage is split by two capacitors
and fed to the two phases connected in series. The outputs are
connected in parallel, as shown in Figure 28.5.
This arrangement provides an intrinsic negative feedback that
improves load sharing, though not fully equalizing the individual
currents.
Its operating principle can be explained considering that, if one
phase has a higher dc gain, that phase will provide more power
and its input capacitor will be discharged more; the voltage on the
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Figure 28.5: Series-parallel connection of a 2-phase interleaved LLC converter.

capacitor of other stage will increase accordingly because the sum
of the two voltages must equal Vin. This input voltage imbalance
contrasts the dc gain mismatch and the resulting load current
mismatch will be reduced.

Unfortunately, this technique has a couple of non-negligible draw-
backs. Firstly, the input voltage of the individual phases is halved,
so the input current is doubled, as if it was a single-phase converter.
Conduction losses will be higher, efficiency will be impaired. Sec-
ondly, phase shedding is not possible: in fact, if one phase is shut
down there is no dc path for the input current. From a different
angle, the negative feedback mechanism that tends to balance
currents pushes the input capacitor voltage of the disabled phase
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(which carries no power) to the maximum (Vin), discharging the
completely the other, whose voltage goes to zero.

• Separate supply rails [30]
With this solution, illustrated in Figure 28.6, each LLC converter
is powered by a separate dc-link voltage generated by two separate
PFC stages.
A current balancing loop adjusts the output voltage setpoint of
one PFC stage (or both), so that Iouta and Ioutb are equal to one
another: Iouta = Ioutb = Iout/2.
The main drawback of this technique is the system complexity
and cost. However, it is a viable solution in high power converters
that use an interleaved PFC front-end. In this case there is no
significant increase in complexity, but the ripple cancellation on
the output bulk capacitor is lost. This is often acceptable because
largely repaid by the benefit on the most stressed components,
the output capacitors of the LLC converter.

• Current-controlled inductor [65]
With this approach, as illustrated in Figure 28.7, two additional
inductors are added on the primary side: a fixed value inductor
(LF ) is in series to the tank circuit of one phase and a current-
controlled inductor in series to the tank circuit of the other phase.
The purpose of the variable inductor is to equalize the upper
resonance frequencies of the two tank circuits and, ultimately,
equalize the currents of each phase.
The variable inductor is built as conceptually illustrated in Fig-
ure 28.8 (left). The NL turns on the center post of the core are
used to obtain Lsat, while two series-connected windings of NS

turns each wound on the outer legs of the core make the control
winding that is used to modulate Lsat .
This modulation is achieved by forcing a dc-current (control cur-
rent, ICTL) through the control winding. This causes the core to
slightly saturate, therefore changing its effective magnetic perme-
ability and thus modulating the value of Lsat : The higher ICTL is,
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Figure 28.6: Dual dc-link configuration of 2-phase interleaved LLC converter.

Figure 28.7: Load current balancing in a 2-phase interleaved LLC converter through
a current-controlled inductor.

the lower Lsat will be, as shown in the plot on the right hand-side
of Figure 28.8.

The adjustment of Lsat goes in one direction only, whereas it is
necessary to adjust in both directions because the sign of the
mismatch is not known. This requires the addition of the fixed
inductor LF , whose value will be chosen roughly in the middle
of the adjustment range of Lsat . An alternative approach like
purposely imbalance the leakage inductance of one transformer to
predefine the needed adjustment direction, (i.e., embedding LF
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Figure 28.8: Current-controlled inductor and Lsat vs. ICTL relationship.

in its leakage inductance) would require the use of different trans-
formers for the two phases, which is not usually a recommended
practice.

Though the system works effectively, the addition of two magnetic
parts, as well as of the current balancing regulator, increases
system cost and size.

One aspect needing attention is the power consumption associated
to the current balancing regulator, which will degrade converter’s
efficiency. This can be minimized by using a large turns number
NS to reduce the amplitude of ICTL, and keeping the voltage
source that produces ICTL as small as possible.

Using phase shedding the controlled phase can be shut down
at light load along with the current balancing regulator, which
therefore will not affect light load efficiency.

Notice that in the system of Figure 28.7, the current balancing
loop is based on the comparison of the resonant tank currents of
the two phases. This provides a good output current balancing as
long as the magnetizing current is negligible compared to the total
resonant current, i.e., at medium and heavy load. At light load the
tolerance of Lp worsens current balancing significantly. To improve
this behavior, the secondary currents should be sensed instead.
Since in interleaved systems the output current is normally high,
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the introduction of additional losses due to sensing might be an
issue. Additionally, in primary-controlled systems current sensors
should transfer the signal from the secondary to the primary side,
so they should guarantee safety isolation.

• Switch-controlled capacitor [43]

This approach, shown in Figure 28.9, can be considered conceptu-
ally the dual one of the current-controlled inductor method: to
match the upper resonance frequencies of the two tank circuits,
the effective value of the resonant capacitor is modulated.

This is achieved by modulating the duty-cycle of the switches
Sa, Sb. With reference to Figure 28.10, first harmonic analysis
shows that the effective capacitance value, Cae, is a function of
the control angle α:

Cae = 2Ca
2− 2α−sin 2α

π

. (28.1)

Cae goes from Ca when α = 0, i.e., when the switch S is always off
to∞ (a short circuit can be assimilated to an infinite capacitance)
when α = π, i.e., when S is always on.

As a result, the overall resonance capacitor Cr goes from Cr when
the switch S is always on, to the series combination of Cr and Ca
when the switch S is always off. Of course, Ca will be selected so
as to cover all the necessary adjustment range. Normally, it needs
to accommodate small variations, so its value is not much different
from that of Cr, sometimes it is even larger. This is a favorable
fact because the peak voltage across Ca will not be that high and
lower voltage rating MOSFETS can be used as the switch S.

To minimize switching losses, S is operated with ZVS at turn-
on: S is turned on when its drain-source voltage falls to zero
after the positive peak. S is turned off when the control angle
α programmed by a current balancing loop has been reached.
Notice that the angle α is counted starting from a positive-going
zero-crossing of the tank current. Digital control is practically a
must.
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Figure 28.9: Load current balancing in a 2-phase interleaved LLC converter through
switch-controlled capacitors.

Figure 28.10: Structure (left) and key waveforms (right) of a switch-controlled
capacitor.

Three-Phase Interleaved LLC Converters – An Example

For power levels in the range of kW one could consider splitting the load
power in more than 2 phases to optimize the design of each individual
phase. Among the many three-phase interleaved LLC converters that
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have been described in the literature [8], [36], [56], [63], [64], we will
review one particular solution, based on the use of three LLC converters
with a Y connection of the tank circuit [63], [64].

Differently from other multi-phase solutions that are greatly sen-
sitive to resonant components’ tolerance causing current imbalance,
this topology exhibits an inherent load sharing capability. Should its
native balancing ability not suffice to meet the design requirements,
a closed-loop phase-shift control can be implemented to compensate
for the residual current mismatch and completely balance the current
supplied by each phase.

The schematic of this topology is shown in Figure 28.11. A version
with single-ended secondaries and a three-phase bridge rectification is
shown in Figure 28.12.
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Figure 28.11: Three-phase interleaved LLC converter with Y connection of tank
circuits and FW-CT secondary rectification.
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Figure 28.12: Three-phase interleaved LLC converter with Y connection of tank
circuits, single ended secondaries and three-phase bridge rectification.

The floating star point that connects all the three tank circuits
provides the degree of freedom that enables the three converters to
run at the same frequency with 120◦ phase-shift between each phase
and equally share the overall current. The interesting property of this
topology is that the voltage of the floating star point moves so as to
automatically balance the currents in each phase.

The oscilloscope picture on the left-hand side of Figure 28.13 shows
the tank current in each phase of a 3-phase prototype loaded with a total
output current of 24 A, with their natural mismatch. The deviations
of the individual output currents from the target value (8 A) are +5%
in phase a and –2.5% in phases b and c. On an extreme level, on the
right-hand side the same waveforms are shown after increasing the value
of Crc by 12%. The deviations from target are now –6.25% in phase a,
+8.75% in phase b and –2.5% in phase c.

The results of the same measurements done with the star point
grounded, so that the three phases are simply paralleled, are shown in
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Figure 28.13: Resonant currents in a three-phase interleaved LLC converter with
Y connection (star point floating).

Figure 28.14: Resonant currents in the same three-phase interleaved LLC converter
with star point grounded.

Figure 28.14. Now the deviations of the individual output currents from
the target value (8 A) with the natural mismatch are +61% in phase a
and –36% in phase b and –25% in phase c. Increasing the value of Crc
by 12% the deviations from the target become +95% in phase a, –2.5%
in phase b and –92.5% in phase c.

The benefit of the floating star connection is dramatic. In a system
where a ±10% mismatch in the individual output currents is acceptable,
there is no need for current sharing control. In case of more stringent
requirements, a current balancing loop can be closed that acts on the
phase-shift between phases to equalize the individual currents.

With this loop the individual current can be balanced to less than
5% [64] down to about 1/3 of full load with a primary current sensing. As
to this accuracy and possible improvements, the same comments made
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Figure 28.15: Three-phase interleaved LLC converter with Y connection: phase
shedding.

about the current balancing loop in the current-controlled inductor
method apply also here.

The floating star point brings current balancing but unfortunately
prevents the traditional phase shedding, where one phase is simply
shut down and the phase-shift between the remaining phases properly
adjusted (from 120◦ to 90◦ going from three to two active phases).

Figure 28.15 (left-hand side) shows two possible 2-phase configura-
tions obtained by shutting down phase c. If both MOSFETS Q1c and
Q2c are kept off and the phase-shift of the driving signals of phase b
changed from 120◦ to 180◦ (with respect to phase a), phase a and b
become a full bridge sharing the series of their tank circuits.

Using an auxiliary switch that is turned on connecting the star point
to ground when phase c is shut down, the two active phases are actually
paralleled. Changing the phase-shift of the driving signals of phase b
from 120◦ to 90◦ a traditional interleaving between phases a and b is
possible but with no inherent load sharing property, with all the issues
previously described.

Figure 28.15 (right-hand side) shows a possible single-phase con-
figuration resulting from shutting down phases b and c. To provide a
return path for the resonant current, however, the low-side MOSFET
of phase b is kept on. The tank circuits of phases a and b therefore in
series and operated as a single half bridge converter. Notice that it is
not a true single-phase operation because the components of two phases
are involved in current conduction.
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Figure 28.16: Efficiency (left) and output ripple (right) vs. load and phase shedding
in a three-phase interleaved LLC converter with Y connection.

When going from three to two active phases the output current
ripple increases significantly: either the system turns to a single full
bridge, in which case there is no staggering of the secondary currents,
or is a 2-phase interleaved system where the individual currents can be
even heavily imbalanced.

When going from two to one active phase, of course there is no
possible ripple reduction but this happens at light load and the resulting
ripple is low, presumably less than the ripple at full load with three
active phases.

The issue is then at intermediate loads, where a trade-off between
efficiency improvement and output current ripple is necessary. Fig-
ure 28.16 shows the plots of efficiency vs. load and output ripple vs.
load for the same 3-phase converter whose waveform were shown in
Figures 28.13 and 28.14, to get a quantitative idea of the compromise.
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Topology Variants

LLC converters, like essentially all power converters, can be modified
to enhance certain characteristics or to more easily meet some specific
design requirements.

Some simple examples of these so-called topology variants have been
encountered already during the present discussion: for example, the
half bridge and the full bridge versions, the split-capacitor version (see
Figure 4.4) or the various configurations of secondary rectification (see
Figure 3.4).

Many topology variants have been proposed in the literature over
the years [13] and the extension of the application range in power
and the continuously increasing performance demand is driving further
evolutions. A few topology variants that are in use in industry will be
overviewed in this section. For a deeper analysis, readers are referred to
the related literature.

Two-Transformer LLC Converter

This topology variant, shown in Figure 29.1 in its half-bridge version,
can be found in some high power (e.g., server power) or slim designs
(e.g., flat TV SMPS [50]). Two transformers are connected with the
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Figure 29.1: Two-transformer half bridge LLC converter (version I).

primary windings in series and the secondary windings in parallel. The
series connection of the primary windings ensures equal current sharing
between the two transformers. The operation is essentially the same as
that of a conventional HB or FB.

The schematic of Figure 29.1 shows a CT-FW rectification configura-
tion but the SE-B can be used too as in [50]. Synchronous rectifiers are
considered because this topology is normally employed in power-dense
applications with a high output current, as previously mentioned.

Notice in Figure 29.1 the cross-connection paralleling of the sec-
ondary windings, an expedient to minimize the asymmetry of the
secondary currents due to the unavoidable transformer asymmetries.

Comparing the characteristics of each transformer to those of a single
transformer designed for the same application, since the voltage applied
to the primary winding of each transformer is half the voltage applied
to the entire inductive section of the LLC tank, all its parameters (a,
Ls, Lp) are cut in half.

Due to the parallel connection on the secondary side, the voltage
seen by each secondary is the same output voltage, so each transformer
can be designed with the same secondary volt per turn. Therefore, the
number of secondary turns does not change and the number of primary
turns is cut in half. Furthermore, since each secondary winding carries
half the total output current, the cross sectional area of the secondary
windings can be cut in half too.
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Figure 29.2: Two-transformer half bridge LLC converter (version II).

It is possible to reduce the size of each transformer because of a
reduction of the core window area, and thus achieve a higher power
density.

Figure 29.2 shows a different version of this topology, where each
transformer has its own secondary rectification and paralleling occurs
after the rectification blocks. Also in this case the converter can be an
HB or a FB and the secondary rectification configuration CT-FW or
SE-B. In [81], for example, the converter is a FB with a dual SE-B
rectification.

This version definitely requires more external parts and is therefore
more expensive. However, although it might appear less efficient too, it
is not necessarily so. The parallel connection after the rectifiers prevents
possible current flow, due to transformer mismatch, that may occur in
the current mesh that exists in the version of Figure 29.1 as a result of
the connection of the secondary windings before the rectifiers.

LLC Converter with Matrix Transformer

LLC converters with matrix transformer can be considered to be a gen-
eralization of the two-transformer LLC converter shown in Figure 29.2.

By definition, as reported in [37], a matrix transformer is an array
of smaller parts called elements properly interconnected so that the
whole functions as a single transformer. Each element is a single small
transformer with a preset turns ratio (e.g., 1:1, 2:1, etc.) and the desired
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turns ratio is achieved by connecting the primary windings of the
elements in series or parallel and the secondary windings in series or
parallel, depending on the design objective. In our case of converters
operated off the power line and required to deliver a relatively high
current, the most appropriate combination is to connect the primary
windings in series and the secondary windings in parallel.

Matrix transformers offer significant benefits: they can split a large
current between the parallel-connected secondary windings, reduce the
secondary-side leakage inductance by lowering the number of secondary
turns (1 turn is quite common in high output current applications)
and improve the overall thermal performance by distributing the power
loss throughout the various elements. Additionally, with appropriate
interleaved structures matrix transformers can significantly reduce the
magnetomotive force (MMF) of the windings, thus reducing leakage
inductance and winding ac resistance due to skin and proximity ef-
fects, which is particularly advantageous in high switching frequency
applications.

Matrix transformers find their construction of choice using planar
magnetic cores and with windings realized on a multilayer PCB that
accommodates also the rectifier block (SR will be used for high efficiency)
and the output capacitors bank to minimize leakage and termination
loss.

Figure 29.3 shows the secondary-side of an LLC converter with
matrix transformer as reported in [44], where a single big transformer
is replaced by four smaller transformers. Comparing the characteristics
of each transformer to those of a single transformer designed for the
same application, all its parameters (a, Ls, Lp) are reduced four times.
Also, the number of primary turns will be four times smaller.

The drawback of this approach is that a magnetic ferrite core is
required for each elementary transformer. Reference [26] reports a differ-
ent matrix transformer structure that integrates multiple transformers
into a single magnetic core as schematically shown in Figure 29.4.

This approach utilizes flux cancellation to reduce flux density in the
magnetic limbs and the relevant core losses. Additionally, it does not
require a PCB with a large number of layers, thus offering a considerable
cost reduction compared to a multi-core matrix transformer.
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Figure 29.3: Tank circuit and output stage of an LLC converter with matrix
transformer.

Three-Level LLC Converter

The multilevel approach can be considered as the dual of the multiphase
approach: while in multiphase converters the switch structures are
essentially connected in parallel, in multilevel converters the switch
structures are stacked on top of each other. Compared to a multiphase
approach, which requires a magnetic device per each phase, in multilevel
converters a single magnetic device is generally needed.

This technology has been used widely in railway systems, ship
electric power distribution systems, fuel cell systems, renewable energy
systems (photovoltaic and wind turbine) and other high-voltage systems,
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Figure 29.4: Tank circuit and output stage of an LLC converter with a single-core
matrix transformer.

e.g., those operated from medium voltage distribution lines or the three-
phase line. In fact, its fundamental benefit is that the voltage across
each switch is reduced proportionally to the number of levels.

Therefore, high voltages can be handled with moderate voltage rating
switches, which generally perform better than high-voltage devices.
Consider, for example, that the die area necessary to achieve a given
RDS(on) increases with the voltage rating following a power law with an
exponent greater than 2. A larger die size to withstand higher voltages
means not only more expensive switches, but also switches with larger
parasitic capacitances that are harder to drive and have larger losses.
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In addition, the multilevel approach reduces the voltage swing that
switches undergo, thus reducing not only conduction losses due to a
lower RDS(on) but also switching and capacitive losses. As a positive
side effect, this produces less common-mode voltage, thus reducing the
EMC issues.

In particular, considering three-level systems, the voltage rating of
the switches can be half the input voltage.

This property could be used the other way round in offline ap-
plications, i.e., handling input voltages that are normally handled by
conventional converters with multilevel converters, using lower voltage
switches featuring a much lower RDS(on). Unfortunately, using only
three level is not a viable solution. Today 600 V devices are commonly
used in a conventional half bridge (or a full bridge) operated from a
400 V input voltage bus provided by a PFC pre-regulator. With three
levels one could use 300 V rated devices and this is a voltage area
where there has been not much industry focus: few part numbers are
available and the technology has not been extensively developed like for
higher or lower voltage parts. One more level should be added to use
150 V rated devices, where the technology actually offers a significant
RDS(on) × die area reduction.

This, however, emphasizes the biggest drawback of this approach:
the need for a great number of switches (4 with a three-level converter,
6 with a four-level converter and two more for each additional level),
each requiring a related gate-drive circuit (all floating except one). This
may cause the overall system to be more expensive and overly complex.

A three-level LLC resonant converter is illustrated in Figure 29.5. It
consists of two stacked half bridges and the resonant tank is connected
to the two midpoints.

In the most straightforward driving scheme, Q1 and Q4 are turned
on and off simultaneously and so do Q2 and Q3. The advantage of
this scheme is that it can be readily implemented using any commer-
cially available resonant controller IC with the addition of two gate
drive transformers. Operation and waveforms are exactly those of a
conventional half bridge.

Full text available at: http://dx.doi.org/10.1561/3100000029



386 Topology Variants

Ls

Lp

Q1

Q2

a:1:1

Cr

Vin
Vin/2

Q3

Q4

D1

D2

Cout

R
o

u
t

Vout

Figure 29.5: Three-level half bridge LLC converter.

A slightly different connection is considered in [76], which requires
a slightly different driving scheme but the operation and the waveforms
are essentially unchanged.

The multilevel approach, however, enables different driving schemes
that may provide the converter with new properties. This is the case, for
example, with the frequency doubling driving scheme proposed in [100],
that is shown in the timing diagrams of Figure 29.6, along with the
conventional driving scheme previously considered.

In this driving scheme, the pair Q1–Q4 is turned on with 25% duty
cycle and the pair Q2–Q3 with 75% duty cycle, with the two PWM
pulse trains displaced by 50% of switching period.

By doing so, the tank circuit is driven with half input voltage at a
frequency double of that of the two PWM pulse trains. This is quite
interesting because, according to the design objective, one can reduce
the transformer size while keeping switching losses at a low level or keep
the same transformer size and further reduce switching losses.
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Figure 29.6: Two possible driving schemes for three-level half bridge LLC converter.

A drawback of this operation is the different current stress for the
two pairs: the Q1–Q4 pair carries 1/4, and the Q2–Q3 pair 3/4 of total
resonant current.

Finally, another good point to mention is that with both driving
schemes there is an intrinsic input voltage self-balance mechanism so
that the two stacked half bridges share the input voltage equally, which
is a benign characteristic since it saves control overhead and increases
converter reliability.

LLC Resonant Converter with Current Sink Output Filter

We have seen already that a weak point of the LLC converter is the
large current stress on the output capacitor, so that it needs to be
designed to withstand the ac component of the secondary current. We
have also seen that one way to avoid this issue is to use the multiphase
approach with interleaving, which however increases complexity and
cost, so that it appears more justified at higher power levels.

In [45], [46] a modification of the LLC converter is proposed that uses
a current sink output filter, i.e., adds an output inductor Lo between
the rectifier block and the output capacitor as depicted in Figure 29.7.
Instead, Figure 29.8 shows the typical key waveforms.

With this addition, the output capacitor can be significantly reduced,
thus reducing also its size, weight and cost. It is therefore an interesting
topology for high output current applications.
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Figure 29.7: LLC resonant converter (half bridge) with current sink output filter.

Figure 29.8: LLC resonant converter with current sink output filter: key waveforms.

Compared to the conventional LLC converter, the current sink
output filter changes the operation of the converter completely.

The main resonant tank is composed of Lp and Cr and there is
essentially a single resonance frequency. The converter can operate only
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above resonance and, as visible in Figure 29.8, the tank current looks
much like that of the conventional LLC converter when operated above
resonance.

To a first-order approximation, neither Ls nor Lo participate to
resonance. Ls just smooths the edges of the resonant current that follow
the half bridge toggling, and in some cases may help achieve ZVS.
Normally it can be substantially reduced, so that slotted bobbins might
be unnecessary for magnetic integration. Lo can be regarded as a sort
of current flywheel and in the analysis of the circuit can be replaced by
a current source.

The switching frequency range is basically as narrow as with the
traditional LLC. Rather, at light load is definitely narrower.

In fact, the output inductor cancels the effect of the parasitic capac-
itance of the secondary rectifiers because it blocks the initial “current
spike” that occurs when one rectifier is going to be forward biased
and that in the conventional LLC converter goes to the output. In
this case, this current spike goes through the parasitic capacitance of
the other rectifier. For this reason the switching frequency does not
need to go that high to reduce the energy per cycle transferred by the
normal mechanism. Needless to say, for the same reasons this topology
is immune to the feedback reversal phenomenon at light load.

The adverse side effect of the output inductor Lo is that the reverse
voltage applied to the secondary rectifiers increases significantly, 50%
or even more than 2 ·Vout, depending on the characteristics of the tank
circuit.

Some additional insight on its operation can be given by its FHA
analysis. Figure 29.9 shows the plot of the voltage gain |M |:

|M(x,Q)| = 8
π2

x2√
(x2 − 1)2 +Q2x2 , (29.1)

where:

fR = 1
2π
√
LpCr

; Q = Z0
Re

= 8
π2

Z0
a2Rout ; Z0 =

√
Lp
Cr

. (29.2)

All curves have an horizontal asymptote M∞ = 8/π2 when x→∞.
This poses a constraint on α and, then, on the turn ratio a (reminder:
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α = 2a in the half bridge and α = a in the full bridge); in the half
bridge:

a >
4
π2

Vinmax
Vout . (29.3)

The curve with Q = 0 has a vertical asymptote when x→ 1. The
inductive operating region will be that included between the curve Q = 0
and the curve BM (x) representing the capacitive mode borderline. A
necessary condition for the converter to operate in the inductive region
is to operate above resonance (x > 1).

Figure 29.9: LLC resonant converter with current sink output filter: plot of
|M(x,Q)|.

As visible in the key waveforms of Figure 29.8, the shape of the
resonant current is piecewise sinusoidal and has significant harmonics.
Therefore the quantitative results of an FHA-based analysis are not so
accurate and a reliable design procedure should rather be based on a
TDA analysis.
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The IEC 61000-3-2 regulation sets limits to the harmonic currents drawn
by electrical equipment connected to public low-voltage distribution
systems, with the objective of maintaining mains voltage quality. It is
applicable to electrical and electronic equipment using voltage not less
than 220 Vac and having a rated input current not exceeding 16 A per
phase.

This regulation considers four classes of electronic equipment, the
most important of which in this context are class C (lighting equipment
with a rated input power in excess of 5 W) and Class D. The IEC
61000-3-2 specifies that class D equipment includes personal computers
and personal computer monitors, television receivers, refrigerators and
freezers with one or more variable-speed drives to control one or more
compressor motors, with a rated input power included between 75 W
and 600 W. De facto, all ICT equipment (e.g., ac–dc adapters for
portable computers, large printers) with an input power over 75 W is
considered as belonging to class D and then required to comply with the
IEC 61000-3-2. Not only, quite often even power supplies of equipment
not considered by the regulation are specified and built to comply with
the class D limits (e.g. server and telecom SMPS).

391
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Figure 30.1: Typical two-stage architecture of a power factor corrected SMPS.

There are different solutions to address the compliance with the IEC
61000-3-2, but by far the most common in industry is the addition of an
electronic front-end circuit, the so-called active power factor corrector
(PFC). In its typical implementation, a PFC is a switch-mode converter
directly supplied by the rectified mains, without any energy buffer
capacitor after the bridge rectifier (the so-called bulk capacitor), and
controlled so as to draw from the power line a sinusoidal current in
phase with the voltage. This results in unity power factor, PF = 1.

As shown in Figure 30.1, a typical power-factor-corrected SMPS
has a two-stage architecture: a PFC stage front-end (often called a
PFC pre-regulator) and a cascaded dc–dc converter. The term pre-
regulator stems from the fact that the PFC front-end normally provides
a regulated output voltage to the cascaded dc–dc converter, whose
design can then be optimized for a narrow input voltage range.

Usually, a PFC pre-regulator is realized with a boost converter,
which is a non-isolated topology, so that the cascaded dc–dc converter
is responsible for providing the safety isolation required in essentially
all power supplies of class D equipment.

The boost converter can essentially cover the entire power range of
class C and D equipment, whereas the cascaded dc-dc converter uses
different topologies depending on the power level. Flyback converters are
most used in the low power range, say up to 100 W, the LLC resonant
converter has replaced other topologies at power levels over 100 W.

However, there are applications where having an isolated PFC
cascaded by one or more non-isolated converters may be advantageous.
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This is the case, for example, of multioutput SMPS or LED drivers, or
the case of USB-PD compliant chargers for mobile equipment, single
and multiport. Other applications (e.g., battery chargers) are tolerant
to the low-frequency ripple of a PFC output and an isolated PFC might
offer substantial cost saving by using a single-stage architecture.

Flyback-based isolated PFCs are a good choice up to 50–60 W (they
are very often used in lighting equipment). For higher power levels there
are solutions based on Cǔk or SEPIC converters. Unfortunately there
is no simple and effective way to introduce isolation in the conventional
boost converter. In this context, an isolated PFC based on the LLC
resonant converter, i.e., a Single-stage LLC PFC, might be an attractive
solution.

The question that arises is if the LLC converter can perform as a
PFC stage when supplied from a rectified sinusoidal voltage that goes
all the way from zero to the peak. When the instantaneous input voltage
moves toward a zero-crossing, to regulate the output voltage the required
voltage gain becomes larger and larger and tends to infinity when the
instantaneous input voltage is zero. However, since the objective is to
draw from the power line a current proportional to the line voltage,
as the instantaneous input voltage moves toward a zero-crossing the
load becomes lower and lower. As the FHA analysis has shown, the
LLC converter has a much higher voltage gain at light load than at
heavy load, and that it even goes to infinity at zero load (Q = 0)
when the switching frequency equals the lower resonance frequency fR2.
Therefore, the LLC converter has the potential to work as a PFC stage.

FHA Analysis of LLC PFC

The FHA analysis of the LLC converter discussed in Part IV was
developed based on the assumption that the converter was supplied by
a dc input voltage (or, rather, by a substantially dc input voltage), and
led to a series of design guidelines for the tank circuit.

The FHA approach can be extended to an LLC converter supplied
by a rectified sinusoidal voltage at the line frequency fline that goes
all the way from zero to the peak. The underlying assumption is the
so-called quasi-static approximation: the operating point changes with
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the instantaneous phase angle θ of the rectified sinusoid slowly enough
to consider the system always operating in steady-state conditions.
This is justified by the line frequency fline being much lower than the
characteristic frequency associated to the response time of the converter.

As previously highlighted, since the output voltage will be regulated
at a constant value, the required gain will not be constant but will vary
along the instantaneous phase angle θ. If with Vin we denote the rms
value of the line voltage, Eq. 19.1 can be rewritten as follows:

Mreq (Vin, θ) = α
Vout + VRect√

2Vin sin θ
. (30.1)

Its plot is shown in Figure 30.2. Furthermore, having PF = 1
implies that also the input and output power are not constant along
θ. Irrespective of the topology, in a PFC stage, which can be regarded
as a resistor emulator, the instantaneous input power swings all the
way from 0 (at the zero-crossings of voltage and current) to twice the
average power Pin (equal to Pout/η, where η is the efficiency) on the
peaks of voltage and current, as inferable from (30.2) and shown in the
plot of Figure 30.3:

Pin(θ) = 2Vin Iin sin2 θ = 2Pin sin2 θ = 2Pout
η

sin2 θ, (30.2)

where Iin is the rms value of the line current. Reminding that the
average power Pin can be expressed also as half the product of the peak
line voltage Vinpk =

√
2Vin and peak line current Iinpk =

√
2Iin, from

(30.2) evaluated at θ = π/2 we derive:
Pin = VinpkIinpk. (30.3)

Therefore, on the peak of the sinusoidal line voltage the converter
operates as if it was powered by a dc voltage equal to Vinpk, drawing a
dc current equal to Iinpk. As a consequence, the first-harmonic repre-
sentation of the input port can be described by the same equations seen
for the dc case where Vinpk replaces Vin in (13.2), (13.3) and (13.6),
and Iinpk replaces Iin in (13.5) and (13.6).

Also, the ac resistance (13.13) and the quality factor (13.23) vary
along θ. Substituting (30.2) in (13.13) and (13.23) yields respectively:

Routac(θ) = 4
π2

Vout2

Pout sin2 θ

(
1 + VRect

Vout

)
, (30.4)
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Figure 30.2: Minimum gain required for regulation in a single-stage PFC LLC.

Figure 30.3: Instantaneous power and average (dc) power.

Q(θ) = π2

4
Z0
a2

Pout
Vout2

1
1 + VRect

Vout
sin2 θ = Q0 sin2 θ. (30.5)

Finally, the voltage gain |M | given by (15.2) will be a function of θ
too:

|M(x, k,Q0, θ)| =
1√[

1 + 1
k

(
1− 1

x2

)]2
+Q2

0 sin4 θ
(
x− 1

x

)2
. (30.6)
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Figure 30.4 shows the voltage gain |M | vs. the normalized frequency,
plotted at a fixed output level, with the phase angle θ as the parameter.

Three plots are provided at π/2, π/3, π/4 while the horizontal dashed
lines are the required gains at the minimum input voltage (where the
gain needs to be highest), with θ equal to π/2, π/3, π/4 respectively.

It is possible to see that at all these angles there is an intersection
of the horizontal line with the corresponding |M | curve that lies in the
inductive region. This means that an operating point for the converter
exists and that in this operating point the converter works with ZVS.
This condition, however, should be verified for any angle θ included in
(0, π/2) to ensure that the output voltage can be regulated.

In [73] it is demonstrated that a sufficient condition for the converter
to achieve regulation in all operating conditions is that voltage gain at
fsw = fR2 and θ = π/2 is larger than the required gain at the minimum

Figure 30.4: Voltage gain curves for different phase angles and comparison to the
minimum required gain to achieve output voltage regulation.
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Figure 30.5: Normalized switching frequency vs. instantaneous phase angle.

input voltage and θ = π/2:

1
Q0

√
1 + k

k
> α

Vout√
2 Vinmin

. (30.7)

This condition is a fundamental design constraint.
By equating the voltage gain |M | (30.6) to the required gain (30.1)

it is possible to find how the normalized switching frequency vary along
the phase angle θ. This is illustrated in the plot of Figure 30.5.

The switching frequency peaks at θ = π/2 and decreases as the
instantaneous line voltage goes towards the zero-crossing, where it
reaches the lower resonance frequency fR2.

Design Considerations and Step-by-Step Design Procedure

Although with a single-stage LLC PFC it is possible to handle power
levels well above 1 kW using the full bridge configuration [57], the
majority of the target applications for such a single-stage LLC PFC
stage are in the few hundred watts. Therefore, we will consider the half
bridge configuration and it will be α = 2a.

Table 30.1 lists a typical set of electrical specifications for a draft
design of a single-stage LLC PFC converter. We will consider a procedure
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Table 30.1: Reference electrical specification for a single-stage LLC PFC

Symbol Name Unit

Vinmin −Vinmax Input voltage range (rms values) Vac
Vout Regulated output voltage Vdc
Poutmin − Poutmax Output power range W
η Estimated efficiency@Poutmax, Vinmin %
fR1 Upper resonance frequency kHz
fR2 Lower resonance frequency kHz
CHB Half bridge midpoint estimated capacitance pF
TD Dead-time ns

based on them, tracing those outlined for the dc input voltage case in
Part IV, Section 19, though based on a slightly different strategy:

(1) The converter will be designed to work in the below resonance
region with the switching frequency ranging between the lower and
the upper resonance frequencies. In terms of normalized frequency
this means: 1√

1 + k
< x < 1. (30.8)

There is not a predefined nominal input voltage where the con-
verter may operate in optimal conditions. It seems that there is
no special benefit in operating the converter above resonance, it
just widens the frequency range.

(2) The converter will work at resonance (M = 1) at the maximum
input voltage for θ = π/2. This determines the transformer turns
ratio (APR model):

a =
√

2
2

Vinmax
Vout + VRect

. (30.9)

With this choice, reminding that in the half bridge, the required
gain at minimum input voltage for θ = π/2 is:

Mreq

(
Vinmin,

π

2

)
= 2aVout + VRect√

2Vinmin
= Vinmax

Vinmin
. (30.10)

(3) The converter must be able to regulate down to zero load at
maximum input voltage.
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(4) The quality factor Q0 will be chosen so that converter will al-
ways work with ZVS, from zero load to Pomax. As also visible
in Figure 30.4, the operating point closest to the capacitive re-
gion borderline is when the converter works with the minimum
input voltage and full load, on the peak of the sinusoid (θ = π/2).
Choosing Q0 so that ZVS and minimum gain conditions are both
fulfilled, that will guarantee that the required voltage gain is
always intercepted and that unity power factor (PF = 1) can be
achieved while operating with ZVS.

The discussion presented so far can be summarized in a step-by-step
design procedure based on the specification given in Table 30.1.

Step 1. Calculate a so that converter will work at resonance at
maximum input voltage peak using (30.9).

Step 2. Calculate the output resistance Re:

Re = 4
π2a

2 Vout2

Poutmax

(
1 + VRect

Vout

)
. (30.11)

Step 3. Calculate the maximum voltage gain Mmax at Vin = Vinmin
and θ = π/2 using (30.1).

Mmax = 2aVout + VRect√
2Vinmin

. (30.12)

Step 4. Calculate k so that the actual lower resonance frequency is fR2:

k =
(
fR1
fR2

)2
− 1. (30.13)

Step 5. Calculate the maximum Q0 value, Qmax1, necessary to stay in
the inductive region at minimum Vin and maximum load. From (15.7):

Qmax1 = 1
kMmax

√
Mmax

2

Mmax
2 − 1

+ k. (30.14)

Step 6. Calculate the maximum Q0 value, Qmax2, to ensure ZVS at zero
load and maximum Vin. From (19.23), reminding that xmax = 1:

Qmax2 = 2
π

1
k

TD
Re CHB

. (30.15)
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Step 7. Calculate the maximum Q0 value, Qmax3, to ensure that the
minimum gain requirement is fulfilled. From (30.7):

Qmax3 =
√

2
2

1
a

√
1 + k

k

Vinmin
Vout + VRect

. (30.16)

Step 8. Choose a value of Q0, QS , such that QS ≤ min (Qmax1, Qmax2,
Qmax3).

Step 9. Calculate the normalized minimum operating frequency at
Vin = Vinmin, Pout = Poutmax and θ = π/2, xmin, using (19.14) with
QB = Qmax1:

xmin ∼=
1√√√√√√√1 + k

1− 1

M

1+
(

QS
Qmax1

)5

max


. (30.17)

Step 10. Calculate the phase-shift ϕmin of the tank current at Vin =
Vinmin, Pout = Poutmax and θ = π/2 with (19.17) and check if the ZVS
condition (19.27) is fulfilled. If so, proceed to step 11, otherwise choose
a smaller value for QS and go back to Step 9.

Step 11. Calculate the characteristic impedance of the tank circuit
and all component values with (19.10), reported here for the reader’s
convenience:

Z0 = Re QS ; Cr = 1
2πfR1Z0

; Ls = Z0
2πfR1

; Lp = k Ls. (30.18)

Step 12. Considering an integrated magnetics implementation and as-
suming magnetic circuit symmetry, calculate the parameters of the real
transformer with (9.3), reported here for the reader’s convenience:

n = a

√
1 + Ls

Lp ; Lµ =
√
LpL1; LL1 = L1 − Lµ; LL2 = LL1

n2 .

(30.19)
Step 13. Calculate the maximum peak of the tank current to set up
the overcurrent means by (19.15) where the dc value Vin becomes
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Vinpk =
√

2Vin, with Vin rms value of the line voltage:

IR1pk =


π√
2η

Poutmax
Vinmin

1
cosϕmin

(HB)

π

2
√

2η
Poutmax
Vinmin

1
cosϕmin

(FB)
. (30.20)

To illustrate the just outlined design procedure, let us consider a
fully developed example. Table 30.2 lists the electrical specification of
an exemplary single-stage LLC-PFC intended to power an LED driver.
Diode rectification will be used due to the high output voltage.

Table 30.2: Exemplary single-stage LLC PFC for LED driver: Electrical specification

Symbol Name Value Unit

Vinmin −Vinmax Input voltage range (rms values) 88–264 Vac
Vout Regulated output voltage 60 Vdc
VRect Secondary rectifier forward drop 0.5 Vdc
Poutmin − Poutmax Output power range 0–120 W
η Estimated efficiency@Poutmax, Vinmin 91 %
fR1 Upper resonance frequency 200 kHz
fR2 Lower resonance frequency 100 kHz
CHB Half bridge midpoint estimated capacitance 150 pF
TD Dead-time 300 ns
Cp Secondary-side parasitic capacitance (est.) 2 nF

Step 1. Calculate a so that converter will work at resonance at
maximum input voltage peak:

a =
√

2
2

Vinmax
Vout + VRect

=
√

2
2

264
60 + 0.5 = 3.086.

Step 2. Calculate the output resistance Re:

Re = 4
π2a

2 Vout2

Poutmax

(
1 + VRect

Vout

)
= 4
π2 3.0862 602

120

(
1 + 0.5

60

)
= 116.8 Ω.

Step 3. Calculate the maximum voltage gain Mmax:

Mmax = 2aVout + VRect√
2Vinmin

= 23.08660 + 0.5√
2 · 88

= 3.

Step 4. Calculate k so that the actual lower resonance frequency is
fR2:

k =
(
fR1
fR2

)2
− 1 = (2)2 − 1 = 3.
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Step 5. Calculate the maximum Q0 value, Qmax1, necessary to stay
in the inductive region at minimum Vin and maximum load:

Qmax1 = 1
kMmax

√
Mmax

2

Mmax
2 − 1

+ k = 1
3 · 3

√
32

32 − 1 + 3 = 0.226.

Step 6. Calculate the maximum Q0 value, Qmax2, to ensure ZVS at
zero load and maximum Vin:

Qmax2 = 2
π

1
k

TD
Re CHB

= 2
π

1
3

300 · 10−9

116.8 · 150 · 10−12 = 3.634.

Step 7. Calculate the maximum Q0 value, Qmax3, to ensure that the
minimum gain requirement is fulfilled:

Qmax3 =
√

2
2

1
a

√
1 + k

k

Vinmin
Vout + VRect

=

=
√

2
2

1
3.086

√
1 + 3
3

88
60 + 0.5 = 0.222.

Step 8. Choose a value of Q0, QS , such that QS ≤ min (Qmax1,
Qmax2, Qmax3):

QS = 0.2.

Step 9. Calculate the normalized minimum operating frequency at
Vin = Vinmin, Pout = Poutmax and θ = π/2, xmin:

xmin ∼=
1√√√√√√√1 + k

1− 1

M

1+
(

QS
Qmax1

)5

max


=

= 1√√√√1 + 3
(

1− 1

31+( 0.2
0.226 )5

) = 0.538.

Step 10. Calculate the phase-shift ϕmin of the tank current at Vin =
Vinmin, Pout = Poutmax and θ = π/2, and check if ZVS condition
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(18.18) is fulfilled:

ϕmin = tan−1
[
1 + k +Q2

Sk
2 (x2

min − 1
)]
x2
min − 1

QSk2x3
min

=

= tan−1
[
1 + 3 + 0.22 · 32 (0.5382 − 1

)]
0.5382 − 1

0.2 · 32 · 0.5383 = 0.29 rad;

ϕmin
2πfR1

1
xmin

= 0.29
2π · 200 · 103

1
0.538 = 429 · 10−9 s > TD = 250 · 10−9 s.

Step 11. Calculate the characteristic impedance of the tank circuit
and all component values:

Z0 = Re QS = 116.8 · 0.2 = 23.36 Ω;

Cr = 1
2πfR1Z0

= 1
2π · 200 · 103 · 23.36 = 34.1 nF;

Ls = Z0
2πfR1

23.36
2π · 200 · 103 = 18.6 µH;

Lp = k Ls = 3 · 18.6 · 10−6 = 55.8 µH.

Step 12. Considering an integrated magnetics implementation and
assuming magnetic circuit symmetry, calculate the parameters of the
real transformer:

n = a

√
1 + Ls

Lp = 3.086
√

1 + 18.6
55.8 =3.563;

Lµ =
√
LpL1 =

√
55.8 (55.8 + 18.6) = 64.4 µH;

LL1 = L1 − Lµ = 55.8 + 18.6− 64.4 = 10 µH;

LL2 = LL1
n2 = 10

3.5632 = 0.788 µH.

Step 13. Calculate the maximum peak of the tank current to set up
the overcurrent means:

IR1pk = π√
2η

Poutmax
Vinmin

1
cosϕmin

= π√
2 · 0.91

120
88

1
cos 0.29 = 3.473 A.
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• Post-design checks:

(a) Let us calculate the value of Γ = Cp/Cr to assess the effect
of Cp:

Γ = Cp

a2Cr
= 2 · 10−9

3.0862 · 34.1 · 10−9 = 0.012.

The normalized frequency where no-load gain reverses is:

xV = 4

√
1
kΓ = 4

√
1

30.012 = 2.29 > xmax = 2.

Therefore the initial assumption of considering negligible the
effect of Cp in this design is correct.

(b) The ZVS condition check Vin = Vinmin, Pout = Poutmax
has been done based on condition (8.7). According to the
algorithm described in Part II, Section 8, we need to check if
(8.7) is applicable. Let us calculate the value of the switched
current in those conditions:

|IR0| = IR1pkmax sinϕmin = 3.473 · sin 0.29 = 0.993 A.

The critical value provided by (8.9), adapted to the ac input
case, is:

IR0crit =

√
2CHB

Ls Vinmin =

√
2150 · 10−12

18.6 · 10−6 88 = 0.353 A.

|IR0| is more than twice larger than the critical value, then (8.7) is
acceptable.

Single-Stage LLC PFC Control Strategy

Among the available control techniques for resonant converters, average
current mode control (ACMC) is the most suitable. DFC control, though
not limiting the dynamic behavior of such a system (it is worth reminding
that a PFC stage is a narrow bandwidth system, typically <20 Hz), is
not applicable: the frequency profile in a line half-cycle is a too complex
function of the input voltage, the output load and the instantaneous
phase angle θ to be programmed directly.
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Figure 30.6: Single-stage LLC-PFC: power circuit reference schematic.

To conveniently apply ACMC to the half bridge single-stage LLC
PFC, it is necessary to properly configure the power circuit. The sug-
gested configuration is that with split resonant capacitors shown in
Figure 30.6 and already discussed in Part II, Section 4. Notice how the
sense resistor is connected, which allows the tank current to flow in the
sense resistor Rs during both half cycles with the same (positive) sign.
This makes the extraction of the average input current much easier and
cleaner: a sense resistor in series to the tank circuit would result in zero
average current, while sensing the input current only in the half-cycle
where the high-side switch is on would result in an asymmetrical tank
current.

ACMC is based on two nested loops: the inner current loop and the
outer voltage loop, like in fixed-frequency CCM-operated boost PFC
converters. The purpose of the current loop is to make the average input
current closely track a sinusoidal reference, typically obtained from the
rectified input voltage and properly adjusted in amplitude. The purpose
of the voltage loop is to regulate the output voltage by properly setting
the amplitude of the sinusoidal reference for the inner current loop. This
structure is shown in the block diagram of Figure 30.7.

The output of the multiplier provides the current sense reference
voltage VCSref, by multiplying the feedback voltage VFB coming from
the voltage loop by a scaled down rectified input voltage to program
the sinusoidal shape for the input current.
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The VFF (voltage feedforward) block makes the feedback voltage
VFB dependent only on the output power level, eliminating the depen-
dence on the input voltage.

The OPA, configured as an integrator, compares the current sense
reference to the averaged voltage across the sense resistor Rs, connected
as shown in Figure 30.6. The output of the OPA is the control voltage
of the VCO that determines the switching frequency of the converter.
Finally, the driver logic block drives the MOSFETs of the half bridge.

The outer loop can be based on a traditional TL431 + optocoupler
arrangement like that shown in Figure 24.11. In fact, ACMC makes
type-2 amplifier viable.

Figure 30.7: Single-stage LLC PFC: ACMC control loop block diagram.

Full text available at: http://dx.doi.org/10.1561/3100000029



Acknowledgements

Dedicated to Anna and Alberto

I wish to warmly thank Professor Jee-Hoon Jung for the time
he spent reviewing the monograph and for providing me with useful
comments and suggestions that helped to significantly improve the
quality of this work. I would also like to warmly thank Mark De Jongh
and Professor Maria Ilić for giving me the opportunity to publish this
work, and Lucy Wiseman and her team for turning the manuscript into
a beautifully crafted and professional monograph.

407

Full text available at: http://dx.doi.org/10.1561/3100000029



References

[1] C. Adragna, “Time-shift control of LLC resonant converters,”
PCIM Europe, pp. 661–666, 2010.

[2] C. Adragna, “Charge-mode control device for a resonant con-
verter,” US Patent #81326418, 2014.

[3] C. Adragna and A. Bianco, “Cycle-by-cycle average input current
control of resonant converters,” in IEEE SPEEDAM’20, pp. 839–
845, 2020.

[4] C. Adragna, D. Ciambellotti, M. Dell’Oro, and F. Gallenda,
“Digital implementation and performance evaluation of a time-
shift-controlled LLC resonant half-bridge converter,” in IEEE
APEC’14, pp. 2074–2080, 2014.

[5] C. Adragna, S. De Simone, and C. Spini, “A design methodology
for LLC resonant converters based on inspection of resonant tank
currents,” in APEC’08, pp. 1361–1367, 2008.

[6] C. Adragna and C. Spini, “Improvements in protection schemes
for LLC resonant converters,” in PCIM Europe 2011, pp. 854–
859, 2011.

[7] M. P. Archer, “Integrated magnetic resonant power converter,”
US Patent #4774649. 1988.

408

Full text available at: http://dx.doi.org/10.1561/3100000029



References 409

[8] S. A. Arshadi, M. Ordonez, W. Eberle, M. Craciun, and C.
Botting, “Three-phase LLC battery charger: Wide regulation
and improved light-load operation,” IEEE Trans. Power Electron,
vol. 36, pp. 1519–1531, 2020.

[9] I. Batarseh, “Resonant converter topologies with three and four
energy storage elements,” IEEE Trans. on Power Electronics,
vol. 9, no. 1, pp. 64–73, 1994.

[10] P. J. Baxandall, “Transistor sine-wave LC oscillators, some gen-
eral considerations and new developments,” Proc. IEE, vol. 106,
Pt. B, no. suppl. 16, pp. 748–758, 1959.

[11] J. Blanchard, “The history of electrical resonance,” Bell System
Technical Journal. U.S.: American Telephone and Telegraph Co.,
vol. 20, no. 4, pp. 415–433, 1941.

[12] C. Cantoro, “Control device for a resonant converter,” US Patent
#9019725, 2015.

[13] Q. Cao, Z. Li, and H. Wang, “Wide voltage gain range LLC dc/dc
topologies: State-of-the-art,” in Proc. International Power Elec-
tronics Conference (ECCE Asia), pp. 100–107, Niigata, Japan,
2018.

[14] C. H. Chang, E. C. Chang, C. A. Cheng, H. L. Cheng, and S. C.
Lin, “Small-signal modeling of LLC resonant converters based on
extended describing function,” in 2012 International Symposium
on Computer, Consumer and Control, Tiachung, 2012.

[15] G. R. Chilukuri, D. Chatterjee, R. Mallik, and S. Kapat, “Discrete-
time modeling framework for analysis of LLC converters over a
wide frequency range,” in Proc. IEEE APEC’22, pp. 267–273,
2022.

[16] H. S. Choi, “Analysis and design of LLC resonant converter
with integrated transformer,” in IEEE APEC’07, pp. 1630–1635,
2007.

[17] H. S. Choi, “Charge current control for LLC resonant converter,”
in IEEE APEC’15, pp. 1448–1452, 2015.

[18] W. S. Choi, S. M. Young, and D. W. Kim, “Analysis of MOSFET
failure modes in LLC resonant converter,” in INTELEC09, pp. 1–
6, 2009.

Full text available at: http://dx.doi.org/10.1561/3100000029



410 References

[19] D. Costinett, R. Zane, and D. Maksimovic, “Circuit-oriented
modeling of nonlinear device capacitances in switched mode
power converters,” in IEEE COMPEL’12, pp. 1–8, 2012.

[20] S. De Simone, “Secondary-side rectification for an LLC resonant
converter featuring the SRK2000,” STMicroelectronics Applica-
tion Note AN3233, 2011.

[21] S. De Simone, “SRK2001 adaptive synchronous rectification
controller for LLC resonant converter evaluation board family,”
STMicroelectronics Application Note AN4674, 2017.

[22] S. De Simone, C. Adragna, and C. Spini, “Design guideline for
magnetic integration in LLC resonant converters,” in SPEEDAM’
08, pp. 950–957, 2008.

[23] S. De Simone, C. Adragna, C. Spini, and G. Gattavari, “Design-
oriented steady-state analysis of LLC resonant converters based
on FHA,” in SPEEDAM’06, pp. 200–207, 2006.

[24] T. Duerbaum, “First harmonic approximation including design
constraints,” in INTELEC’98, pp. 321–328, 1998.

[25] J. B. Fedison, M. Fornage, M. J. Harrison, and D. R. Zimmanck,
“Coss related energy loss in power MOSFETs used in zero-voltage-
switched applications,” in Proc. IEEE APEC’14, pp. 150–156,
2014.

[26] C. Fei, F. C. Lee, and Q. Li, “High-efficiency high-power-density
LLC converter with an integrated planar matrix transformer
for high-output current applications,” IEEE Transactions on
Industrial Electronics, vol. 64, no. 11, pp. 9072–9082, 2017.

[27] W. Feng, D. Huang, P. Mattavelli, P. D. Fu, and F. C. Lee,
“Digital implementation of driving scheme for synchronous recti-
fication in LLC resonant converter,” in IEEE ECCE’10, pp. 255–
263, 2010.

[28] W. Feng, F. C. Lee, and P. Mattavelli, “Simplified optimal
trajectory control (SOTC) for LLC resonant converters,” IEEE
Trans. Power Electron, vol. 28, no. 5, pp. 2415–2426, 2012.

[29] W. Feng, F. C. Lee, P. Mattavelli, and D. Huang, “A universal
adaptive driving scheme for synchronous rectification in LLC
resonant converter,” IEEE Trans. Power Electron, vol. 27, no. 8,
2012.

Full text available at: http://dx.doi.org/10.1561/3100000029



References 411

[30] H. Figge, T. Grote, F. Schafmeister, N. Froeleke, and J. Bocker,
“Two-phase interleaving configuration of the LLC resonant con-
verter—analysis and experimental evaluation,” in IEEE IECON’
13, pp. 1392–1397, 2013.

[31] D. Fu, Y. Liu, F. C. Lee, and M. Xu, “An improved novel driving
scheme of synchronous rectifiers for LLC resonant converters,”
in IEEE APEC’08, pp. 510–516, 2008.

[32] D. Fu, Y. Liu, F. C. Lee, and M. Xu, “A novel driving scheme
for synchronous rectifiers in LLC resonant converters,” IEEE
Trans. Power Electron, vol. 24, no. 5, pp. 1321–1329, 2009.

[33] X. Fang et al., “Operation analysis and numerical approximation
for the LLC DC-DC converter,” in IEEE APEC’12, pp. 870–876,
2012.

[34] D. Fu, B. Lu, and F. C. Lee, “1 MHz high efficiency LLC reso-
nant converters with synchronous rectifier,” in IEEE PESC’07,
pp. 2404–2410, 2007.

[35] Y. Furukawa, K. Morita, and T. Yoshikawa, “A high efficiency
150 W dc-dc converter,” in Proceedings of Intelec 94, pp. 148–154,
Vancouver, BC, Canada, 1994.

[36] R. Gadelrab, F. C. Lee, and Q. Li, “Three-phase interleaved LLC
resonant converter with integrated planar magnetics for telecom
and server application,” in IEEE APEC’20, pp. 512–519, 2020.

[37] E. Herbert, Design and Application of Matrix Transformers and
Symmetrical Converters, Presented at High Freq, Power Convers.
Conf. Santa Clara, CA, USA, 1990.

[38] S. S. Hong, S. H. Cho, C. W. Roh, and S. K. Han, “Precise
analytical solution for the peak gain of LLC resonant converters,”
Journal of Power Electronics, vol. 10, no. 6, pp. 680–685, 2010.

[39] Y. Hsieh and F. C. Lee, “Accurate small-signal model for LLC
resonant converters,” in IEEE ECCE’19, pp. 660–665, 2019.

[40] Y. Hsieh and F. C. Lee, “Design-oriented equivalent circuit model
for resonant converters,” in IEEE APEC’20, pp. 91–97, 2020.

[41] Y. Hsieh and F. C. Lee, “Small-signal dynamic and high-band-
width design of LLC resonant converters,” in IEEE ECCE’20,
pp. 6136–6143, 2020.

Full text available at: http://dx.doi.org/10.1561/3100000029



412 References

[42] Z. Y. Hu, Y. F. Liu, and P. C. Sen, “Bang-bang charge control
for LLC resonant converters,” IEEE Transactions on Power
Electronics, vol. 30, no. 2, pp. 1093–1108, 2015.

[43] Z. Hu, Y. Qiu, Y. F. Liu, and P. C. Sen, “A control strategy
and design method for interleaved LLC converters operating
at variable switching frequency,” IEEE Trans. Power Electron,
vol. 29, no. 8, pp. 4426–4437, 2014.

[44] D. Huang, S. Ji, and F. C. Lee, “LLC resonant converter with
matrix transformer,” IEEE Transactions on Power Electronics,
vol. 29, no. 8, pp. 4339–4347, 2014. doi: 10.1109/TPEL.2013.
2292676.

[45] B. C. Hyeon and B. H. Cho, “Analysis and design of the LmC
resonant converter for low output current ripple,” IEEE Trans.
Ind. Electron, vol. 59, no. 7, pp. 2772–2780, 2012.

[46] B. C. Hyeon, J. T. Kim, and B. H. Cho, “A half bridge LC
resonant converter with reduced current ripple of the output
capacitor,” IEEE INTELEC’09, 2009.

[47] A. Iorio et al., “Predictive adaptive method for synchronous
rectification,” in IEEE APEC’15, pp. 1986–1992, 2015.

[48] J. H. Jang, S. K. Pidaparthy, and B. C. Choi, “Current mode
control for LLC series resonant DC-to-DC converters,” Energies,
vol. 8, no. 6, pp. 6098–6113, 2015. doi: 10.3390/en8066098.

[49] A. Kats, G. Ivensky, and S. Ben-Yaakov, “Application of inte-
grated magnetics in resonant converters,” in Proc. IEEE APEC’
97, pp. 925–930, 1997.

[50] E. S. Kim et al., “Low profile LLC series resonant converter with
two transformers,” IEEE APEC’10, pp. 1885–1889, 2010.

[51] B. C. Kim, K. B. Park, C. E. Kim, and G. W. Moon, “Load
sharing characteristic of two-phase interleaved LLC resonant
converter with parallel and series input structure,” in IEEE
ECCE’09, pp. 750–753, 2009.

[52] B. C. Kim, K. B. Park, and G. W. Moon, “Analysis and design of
two-phase interleaved LLC resonant converter considering load
sharing,” in IEEE ECCE’09, pp. 1141–1144, 2009.

Full text available at: http://dx.doi.org/10.1561/3100000029

https://doi.org/10.1109/TPEL.2013.2292676
https://doi.org/10.1109/TPEL.2013.2292676
https://doi.org/10.3390/en8066098


References 413

[53] J. Kolar et al., “Pwm converter power density barriers,” in 2007
Power Conversion Conference, P-9–P-29, Nagoya, 2007. doi:
10.1109/PCCON.2007.372914.

[54] J. F. Lazar and R. Martinelli, “Steady-state analysis of the LLC
resonant converter,” in IEEE APEC’01, pp. 728–735, 2001.

[55] Y. L. Li and B. M. Donald, “A novel LLC resonant controller
with best-in-class transient performance and low standby power
consumption,” in IEEE APEC’18, pp. 489–493, 2018.

[56] J. Y. Lin, H. Y. Yueh, Y. F. Lin, and P. H. Liu, “Analysis and
design of three-phase LLC,” Resonant Converter with Matrix
Transformers Energies, vol. 15, p. 1315, 2022.

[57] W. B. Liu et al., “A single stage 1.65 kw AC-DC LLC converter
with power factor correction (PFC) for on-board charger (OBC)
application,” in IEEE ECCE’20, pp. 4594–4601, 2020.

[58] M. F. Menke et al., “Analysis and design of the LLC LED driver
based on state-space representation direct time-domain solution,”
Trans. on Power Electronics, vol. 35, no. 12, pp. 12 686–12 701,
2020.

[59] R. D. Middlebrook and S. Cuk, “A general unified approach to
modelling switching-converter power stages,” in IEEE PESC’76,
pp. 18–34, 1976.

[60] MP6922, “Dual fast turn-off intelligent controller,” MPS Data-
sheet.

[61] NCP4304A/B, “Secondary side synchronous rectification driver
for high efficiency SMPS topologies,” OnSemi Datasheet.

[62] R. Nielsen and S. K. Christensen, “Charge mode control of a
serial resonance converter,” European Patent EP1530282, 2005.

[63] E. Orietti, P. Mattavelli, G. Spiazzi, C. Adragna, and G. Gat-
tavari, “Analysis of multi-phase LLC resonant converters,” in
IEEE COBEP’09, pp. 464–471, 2009.

[64] E. Orietti, P. Mattavelli, G. Spiazzi, C. Adragna, and G. Gat-
tavari, “Current sharing in three-phase LLC interleaved resonant
converter,” IEEE ECCE’09, pp. 1145–1152, 2009.

Full text available at: http://dx.doi.org/10.1561/3100000029

https://doi.org/10.1109/PCCON.2007.372914


414 References

[65] E. Orietti, P. Mattavelli, G. Spiazzi, C. Adragna, and G. Gat-
tavari, “Two-phase interleaved LLC resonant converter with
current controlled inductor,” in IEEE COBEP’09, pp. 298–304,
2009.

[66] R. Oruganti and F. C. Lee, “Resonant power processors, part
ii—methods of control,” IEEE Trans. on Industry Applications,
vol. IA-21, no. 6, pp. 1461–1471, 1985.

[67] R. Oruganti and F. C. Lee, “Resonant power processors, part
i—state-plane analysis,” IEEE Trans. on Industry Applications,
vol. IA-21, no. 6, pp. 1453–1460, 1985.

[68] C. H. Park, S. H. Cho, J. H. Jang, S. K. Pidaparthy, T. Y. Ahn,
and B. C. Choi, “Average current mode control for LLC series
resonant dc-to-dc converters,” Journal of Power Electronics,
vol. 14, no. 1, pp. 40–47, 2014.

[69] H. P. Park and J. H. Jung, “Design considerations of 1 MHz LLC
resonant converter with GaN E-HEMT,” in Proc. 17th IEEE
EPE-ECCE’15, pp. 1–10, 2015.

[70] C. Person, “Selection of primary side devices for LLC resonant
converters,” Virginia Tech, 2008. url: http://scholar.lib.vt.edu/
theses/available/etd-04172008-110626/unrestricted/cperson_
thesisfinal.pdf.

[71] R. Petkov and G. Anguelov, “Current mode control of frequency
controlled resonant converters,” in INTELEC’98, pp. 103–108,
1998.

[72] H. Pinheiro, P. K. Jain, and G. Joós, “Self-sustained oscillating
resonant converters operating above the resonant frequency,”
IEEE Transactions on Power Electronics, vol. 14, no. 5, pp. 803–
815, 2015.

[73] Y. Qiu, W. Li, P. Fang, Y. F. Liu, and P. C. Sen, “A mathematical
guideline for designing an AC-DC LLC converter with PFC,” in
IEEE APEC’18, pp. 2001–2008, 2018.

[74] R. R. Robson, “Advancement in series resonant inverter technol-
ogy and its effect on spacecraft employing electrical propulsion,”
AIAA/JSASS/DGLR IEPC, 1982.

Full text available at: http://dx.doi.org/10.1561/3100000029

http://scholar.lib.vt.edu/theses/available/etd-04172008-110626/unrestricted/cperson_thesisfinal.pdf
http://scholar.lib.vt.edu/theses/available/etd-04172008-110626/unrestricted/cperson_thesisfinal.pdf
http://scholar.lib.vt.edu/theses/available/etd-04172008-110626/unrestricted/cperson_thesisfinal.pdf


References 415

[75] S. R. Sanders, J. M. Noworolski, X. Z. Liu, and G. C. Verghese,
“Generalized averaging method for power conversion circuits,”
IEEE Trans. on Power Electronics, vol. 6, no. 2, pp. 251–259,
1991.

[76] S. Saravanan, J. Mohan, and V. Kumar, “Analysis of a three-
level LLC series resonant converter for high- and wide-input-
voltage applications,” Int. Journal of Engineering Research and
Applications, vol. 4, no. 4 (Ver 5), pp. 79–84, 2014.

[77] E. G. Schmidtner, “A new high-frequency resonant converter
topology,” in High Frequency Power Conversion (HFPC) Con-
ference Record, pp. 390–403, 1988.

[78] F. C. Schwarz, “A method of resonant current pulse modulation
for power converters,” IEEE Trans. Industrial Electronics and
Control Instrumentation, vol. IECI-17, no. 3, pp. 209–221, 1970.

[79] F. C. Schwarz, “An improved method of resonant current pulse
modulation for power converters,” IEEE Transactions on In-
dustrial Electronics and Control Instrumentation, vol. IECI-23,
no. 2, pp. 133–141, 1976.

[80] N. Shafiei, M. A. Saket, and M. Ordonez, “Time domain analysis
of LLC resonant converters in the boost mode for battery charger
applications,” in ECCE’17, pp. 4157–4162, 2017.

[81] Y. Shen, W. Zhao, Z. Chen, and C. Cai, “Full-bridge LLC
resonant converter with series-parallel connected transformers
for electric vehicle on-board charger,” in IEEE Access, vol. 6,
pp. 13 490–13 500, 2018. doi: 10.1109/ACCESS.2018.2811760.

[82] J. J. E. Slotine and W. Li, Applied Nonlinear Control. Englewood
Cliffs, NJ: Prentice-Hall, pp. 182–186, 1991.

[83] R. L. Steigerwald, “A comparison of half bridge resonant con-
verter topologies,” IEEE Trans. on Power Electronics, pp. 174–
182, 1988.

[84] W. Tang, C. S. Leu, and F. C. Lee, “Charge control for zero-
voltage-switching multi-resonant converter,” in IEEE PESC’93,
pp. 229–233, 1993.

[85] S. Tian, F. C. Lee, and Q. Li, “Equivalent circuit modeling of
LLC resonant converter,” in IEEE APEC’16, pp. 1608–1615,
2016.

Full text available at: http://dx.doi.org/10.1561/3100000029

https://doi.org/10.1109/ACCESS.2018.2811760


416 References

[86] G. C. Verghese, M. E. Elbuluk, and J. G. Kassakian, “A general
approach to sampled-data modeling for power electronic circuits,”
IEEE Trans. on Power Electronics, vol. PE-1, no. 2, pp. 76–89,
1986.

[87] V. Vorperian, “Analysis of resonant converters,” Ph.D. Disserta-
tion, California Institute of Technology, Pasadena, 1984.

[88] V. Vorperian and S. Cuk, “Small-signal analysis of resonant
converters,” in IEEE PESC’83, pp. 269–282, 1983.

[89] J. Wang, J. Zhang, G. Zhang, M. Xu, and Z. Qian, “Research on
key application issues of smart synchronous rectifier driver IC in
llc resonant converter,” in IEEE ECCE’11, pp. 2765–2770, 2011.

[90] G. W. Wester and R. D. Middlebrook, “Low-frequency character-
ization of switched dc-dc converters,” IEEE Trans. On Aerospace
and Electronic Systems, vol. AES-9, pp. 376–385, 1973.

[91] L. Wofford, “A new family of integrated circuits controls resonant
mode power converters,” Unitrode Application Note U-122, 1990.

[92] B. Yang, “Topology investigation for front end DC/DC power
conversion for distributed power system,” PhD Dissertation,
Virginia Polytechnic Institute and State University, 2003.

[93] B. Yang, R. Chen, and F. C. Lee, “Integrated magnetic for LLC
resonant converter,” Proc. IEEE APEC’02, vol. 1, pp. 346–351,
2002.

[94] E. X. Yang, “Extended describing function method for small-
signal modeling of resonant and multi-resonant converters,” Dis-
sertation Virginia Tech., 1994.

[95] E. X. Yang, F. C. Lee, and M. Jovanovic, “Small-signal modeling
of series and parallel resonant converters,” Proc. IEEE APEC’92,
pp. 785–792, 1992.

[96] R. Yang, B. M. Donald, and Y. L. Li, “Investigation on the
small signal characteristic based on the LLC hybrid hysteretic
charge control,” CPSS Transactions on Power Electronics and
Applications, vol. 4, no. 2, pp. 128–142, 2019.

[97] M. Z. Youssef and P. K. Jain, “A front end self-sustained LLC
resonant converter,” in IEEE PESC’04, vol. 4, pp. 2651–2656,
2004.

Full text available at: http://dx.doi.org/10.1561/3100000029



References 417

[98] R. Yu et al., “Computer-aided design and optimization of high-
efficiency LLC series resonant converter,” Trans. on Power Elec-
tronics, vol. 27, no. 7, pp. 3243–3256, 2020.

[99] L. Z. Zhou, A. Xiong, J. Zeng, and J. Ying, “A novel precise de-
sign method for LLC series resonant converter,” in INTELEC’06,
pp. 1–6, 2006.

[100] S. Zong et al., “Three-level frequency-doubling LLC resonant
converter with high step-down ratio for high input voltage appli-
cations,” in IEEE APEC’14, pp. 14–19, 2014.

Full text available at: http://dx.doi.org/10.1561/3100000029




